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Abstract

Integrated switched-mode power supplies benefit from innovative digital control loop designs and imple-

mentations, fast and goal-oriented parameter identifications, and from robust and fast transient controls of

this work. A digital control loop comprises an ADC, a digital controller, and a digital pulse-width mod-

ulator / DAC. The ADC and the DPWM / DAC are required to operate with high sample rates, minimum

conversion delay, monotonic transfer characteristics, and high resolution. The control loop components of

this work extend the application range to SMPS with output voltages higher than 3.3 V of prior publications.

A presented delay line ADC (6 bit, 9.5 MSps, 90 ns latency, 1.2 V dynamic operation range) enriches the

standard window concept with a live-tracking functionality, which is firstly proposed in this work. This

functionality increases the resolution and enlarges the dynamic operation range. A charge pump DAC de-

sign offers 40x higher resolution compared to prior art. It guarantees monotonicity and low conversion time,

enabling high-bandwidth digital control, along with low steady-state current consumption (20 µA). Large

output voltages (>3.3 V) are supported with a high resolution in the order of 15 bits. A comparison of digital

control to analog control demonstrates that digital control can be fully integrated. In contrast, this is not

guaranteed for analog control and, if possible, chip area is significantly larger. Operating parameters in an

SMPS may change significantly, together with its transfer behavior. SMPS passives face production toler-

ances, temperature dependencies, and aging. An adaption to varying operating conditions and actual values

of the passives improves the SMPS behavior, ensures reliability, and saves cost. However, it requires an

identification of the present operating conditions and parameters. A parameter identification concept yields

results within less than 85 µs in startup and 2 µs in operation, which is 12x and 7000x shorter than prior art.

It concentrates on and accurately identifies the most influential parameters of the SMPS, the inductor and

the capacitor. A lossless load current identification runs without interruption of ongoing operation with only

3 % maximum identification inaccuracy. A controller adapts to a right half plane zero, that limits the con-

verters’ control bandwidths. With the proposed adaption, maximum bandwidth is achieved. Output voltage

deviations are reduced by a factor of 2.4 and recovery times by a factor of 1.5 in case of load transients. For

the first time, this work introduces a ∆V/∆t-intervention control concept, which is applicable, as add-on, to

any standard controller. The voltage deviations are reduced by a factor of 2.8, which allows for downscal-

ing the output capacitor by the same factor. The proposed innovative digital control loop designs, fast and
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goal-oriented parameter identifications, and robust fast transient controls, meet the needs of small cost, high

reliability and flexibility in electronics, that are driven by a rising number of functionalities and features.

Index terms— integrated switched-mode power supplies, fast transient digital control, parameter identifi-

cation
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Zusammenfassung

Integrierte, getaktete Spannungswandler profitieren von den neuartigen Designs und Implementierungen

der digitalen Regelschleife, den schnellen und zielorientierten Parameteridentifizierungen und den robusten

und schnellen Regelkonzepten dieser Arbeit. Eine digitale Regelschleife setzt sich aus einem ADC, einem

digitalen Regler und einem digitalen Pulsweitenmodulator oder einem DAC zusammen. ADC und DPWM

/ DAC müssen mit hohen Abtastraten, kleinen Wandlungszeiten, monotonem Übertragungsverhalten und

hoher Auflösung arbeiten. Die in dieser Arbeit vorgestellten Blöcke erweitern den Anwendungsbereich der

getakteten Spannungswandler mit digitaler Regelung auf Ausgangsspanungsbereiche größer als 3.3 V aus

früheren Veröffentlichungen. Ein Delay Line ADC (6 bit, 9.5 MSps, 90 ns-Wandlungszeit, 1.2 V dynamis-

cher Wandlungsbereich) erweitert das herkömmliche Fensterkonzept um ein Live-Tracking, das erstmalig

in dieser Arbeit gezeigt wird. Es erhöht die Auflösung und vergrößert den dynamischen Wandlungsbereich.

Ein Charge Pump DAC Design verbessert die Auflösung früherer Veröffentlichungen um den Faktor 40.

Es garantiert Monotonie und geringe Wandlungszeiten, wodurch Regelungen mit hoher Bandbreite unter-

stützt werden, und auch die Stromaufnahme is niedrig (20 µA). 15 bit Auflösung machen den Einsatz in

Spannungswandlern mit hoher Ausgangsspannung (>3.3 V) möglich. Ein Vergleich zwischen digitaler und

analoger Regelung von integrierten Spannungswandlern zeigt, dass digitale Regelungen ausnahmslos in-

tegriert werden können. Bei analogen Regelungen ist das nicht garantiert. Falls es möglich ist, ist die

Chipfläche, die zur Integration benötigt wird, deutlich größer. Die Arbeitsparameter von Spannungswan-

dlern ändern sich und mit ihnen auch das Übertragungsverhalten. Passive Bauelemente weisen Produk-

tionstoleranzen, Temperaturabhängigkeiten und Alterungseffekte auf. Eine Anpassung an die veränder-

lichen Arbeitsparameter und an die tatsächlichen Werte der Bauelemente verbessert die Spannungswandler-

Performance, erhöht die Verlässlichkeit und spart Kosten. Dafür ist eine Identifizierung der vorliegenden

Arbeitsbedingungen und Parameter nötig. Ein Konzept zur Parameteridentifizierung liefert Ergebnisse in

weniger als 85 µs beim Startup und 2 µs im Betrieb. Das ist 12- und 7000-fach schneller als bisher veröf-

fentlichte Konzepte. Das Konzept legt den Fokus auf und identifiziert die einflussreichsten Parameter des

Spannungswandler: Spule und Kondensator. Eine verlustfreie Laststromidentifizierung arbeitet ohne Un-

terbrechung des regulären Betriebs mit einer maximalen Abweichung von 3 %. Ein Regler wird präsen-

tiert, der sich an eine Nullstelle der rechten Halbebene anpasst. Diese begrenzt die Regelbandbreite des

Wandlers. Mit der Anpassung werden maximale Bandbreiten erreicht. Abweichungen der Ausgangsspan-
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nung werden um den Faktor 2.4 und die Ausregelzeit um den Faktor 1.5 verkleinert. In der Arbeit wird

ein ∆V/∆t-Regelkonzept vorgestellt, das einem beliebigen Regler als Add-on hinzugefügt werden kann.

Die Spannungsabweichungen werden 2.8-fach reduziert, wodurch der Ausgangskondensator um demsel-

ben Faktor kleiner gewählt werden kann. Die neuartigen Designs der digitalen Regelschleifenblöcke, die

schnellen, zielorientierten Identifizierungsmethoden und die robusten, schnellen Regelungen erfüllen die

Kosten-, Zuverlässigkeits-, und Flexibilitätsanforderungen moderner Elektronik, die die steigende Anzahl

an Funktionen und Features mit sich bringt.

Schlagworte— integrierte getaktete Spannungswandler, digitale Regelung mit schnellen Transienten, Pa-

rameteridentifikation
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1 Introduction

1 Introduction

’Digital Transformation’, ’Internet of Things’, ’Industry 4.0’, ’Big Data’, ’Autonomous Driving’, ’Machine

Learning’, ’Artificial Intelligence’ - these buzzwords are used to describe the transformation of today’s way

of living [1–6]. All of these topics are strongly linked to electronics and therefore, show the massive impact

of electronics on people’s lives.

Electronic devices used in these areas get smart, connected, and more powerful [7]. At the same time they

become smaller. This effect can well be underlined with the following consideration. The global tem-

perature is rising, drastically [8]. In order to stop global warming, CO2 emissions are aimed to become

small. Since cars are a major contributor to overall emissions, the goal of car manufacturers is to reduce

fuel consumption / CO2 emission. This goal can be achieved by more light-weighted and smaller devices.

Simultaneously, the automotive industry experiences a strong push towards autonomous and electrical driv-

ing. This is only achievable and comfortable for the drivers with plenty of smart and connected electrical

devices, which make safety, comfort, entertainment and communication available.

Integrated circuits offer a possibility to combine high functionality and small volume. Therefore, integrated

circuits (ICs) find their way into many electronic devices. They are applied in consumer electronics, e.g. in

laptops, smartphones, and tablets. Also, the number of ICs in cars will further increase [9, 10].

Every electronic device and every IC relies on a power supply. The power supply is responsible for voltage

and current supply. The current has to be provided according to the demand of the electronic device, whereas

the voltage has to be constant at all times. Switched-mode power supplies (SMPS) are well suited to meet

this requirement, as they offer high power efficiency along with precise output voltage control. To keep

track with the challenging developments of the electronic devices in general, the switched-mode power

supply (SMPS) needs to improve, as well. Key elements for the improvement are low cost, high reliability

and flexibility. Digital controls offer a solution to increase the performance of the SMPS in terms of these

issues and, therefore, show great future potential.

Digital control of SMPS in integrated circuits found distribution beginning in 2001, when the prices for

digital CMOS silicon dropped as a consequence of the telecom crash. Since then digital control has evolved

and advanced, but there are still things to improve [11].
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1 Introduction

1.1 Scope of This Work

The focus of this work are SMPS with digital control on IC-level. Figure 1.1 shows a structural diagram

which summarizes the scope of this work in detail. It is driven by recent trends towards an increasing

number of features and functionalities, and growing complexities, for example due to comfort, safety, and

diagnostics requirements in various applications, such as automotive or consumer electronics.

Requirements by applications

Trends in automotive, consumer electronics, and others,
driven by more features and functionalities, growing complexity,...

Low cost,
reliability

Small footprint, high
integration, few passives

Low latency,
high resolution, monotonicity

Small impact
of parameter variations

Requirements in digital control

Robust and fast
transient controls

Challenges for SMPS

Flexibility,
short time-to-market

Variable, programmable
control, plug and play

Small voltage deviations,
short recovery times

Scope of this work

Digital control loop
design and implementation

Fast and goal-oriented
parameter identification

Fig. 1.1: Summary of the scope of this work.

These trends lead to demands on the SMPS, which include low cost, high reliability, short time-to-market,

and high flexibility. Cost pressure and safety rules make products with small cost and high reliability

necessary. Short time-to-market is essential for business success. Besides, the variety of applications and

functionalities leads to a demand for systems that are able to adapt to the respective application. SMPS with

the described characteristics can be realized with the help of digital control as integrated circuits.

In order to provide the described characteristics the integrated circuits are required to have small integration

areas and a small number of passives in order to be fabricated with small footprint and a high level of

integration. Thus, cost can be reduced and reliability enhanced. In order to keep track with the demanded
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1 Introduction

high flexibility and short time-to-market, variable and programmable controls together with plug and play

features are the challenges for SMPS.

As a first topic this work covers digital control loop component designs and implementations operating with

low latency, high resolution, and guaranteed monotonicity. Secondly, the impact of parameter variations

is reduced to a minimum by fast and goal-oriented parameter identification concepts. Thirdly, this work

presents robust and fast transient controls enabling innovative voltage supply with small output voltage

deviations and short recovery times.

1.2 Outline

Chapter 2 describes the applications of SMPS and the motivation for this work. SMPS serve as voltage

supplies for electronic devices. It is demonstrated for exemplary applications, that they are facing more

frequent and more intense disturbances as a result from the increased system functionalities (Section 2.1).

These challenges are addressed in this work by the usage of digital control, which comes along with numer-

ous advantages. Section 2.2 describes why the variability of the controller coefficients of a digital controller

meets the desire for low-cost systems and for plug and play functionality.

In Chapter 3 the fundamentals of SMPS are given and special requirements of digital controls are explained.

Different SMPS topologies and operating principles are reviewed and the pros and cons of miscellaneous

control concepts are discussed (Section 3.1). Also, the parameters of the converter predominantly used

in this work and a plant model are defined. The digital control loop structure is outlined in Section 3.2.

Special challenges of digitally controlled SMPS are explained. It is pointed out why low dead times, proper

resolution and monotonicity are of great importance.

Chapter 4 deals with the control loop component designs. Suitable topologies for guaranteeing small overall

loop latency, proper resolution, and monotonicity are presented. A focus is set to high resolution, enabling

operation with higher output voltages than prior art in integrated solutions. Section 4.1 presents architectures

for analog-to-digital conversion of the output voltage. For Delta-Sigma analog-to-digital converters (ADCs),

it is demonstrated how to design the converter in order to achieve good resolution and proper conversion

time for control bandwidths up to 10 kHz. A delay line ADC is introduced that works with a live-tracking

window concept, which achieves excellent resolution over a wide voltage range. It is further shown how to

implement digital controllers in Section 4.2. Section 4.3 reviews architectures for digital-to-analog conver-

sion and shows a digital pulse-width modulation (DPWM) architecture with zero latency, 12-bit resolution,

and measured monotonicity. Further, an R-2R digital-to-analog converter (DAC) is designed according to

the resistor mismatch of the technology used. Also, the maximum conversion rate and DAC bandwidth are
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1 Introduction

analyzed. In addition, this work presents a high resolution, wide-range charge pump DAC. It is shown for

the charge pump DAC design how the high resolution can be ensured by dedicated differential switches, and

how high leakage can be prevented by proper switch design and biasing. Section 4.4 presents the results of

a comparison of the digital control to conventional analog control regarding chip area and further aspects.

Chapter 5 explains why parameter identification is beneficial and shows concepts with small identification

times. As part of this work, a study of the variations of the inductance and the capacitance of standard induc-

tors and capacitors is presented in Section 5.1. It is analyzed, why a standard off-the-shelf 10 µF-capacitor

may either be 6 µF or 14 µF, unpredictably. Parameter identification concepts of prior art are reviewed and it

is explained, why they are not suitable in numerous applications, Section 5.2. Therefore, in Section 5.3 alter-

native identification methods are proposed, that concentrate on relevant converter parameters and prioritize

a key parameter for application: small identification duration. A simple, purely digital and lossless concept

for live identification of the load current is presented (Section 5.3.2). An analysis shows that it works well

over a wide range of converter operating points. Section 5.3.3 introduces a combined identification con-

cept for the inductor and the capacitor. For identification during startup, it is explained how the innovative

identification scheme, presented in this work, can be extended for higher identification accuracies.

Chapter 6 explores control concepts for improved transient responses. On the basis of the prices for ca-

pacitors and of the current development in voltage supply levels, it is explained, why fast transient controls

are very important for future SMPS. Especially for boost converters, it is essential to provide fast transient

controls, as they suffer from a bandwidth limitation due to the right half plane zero (RHPZ). Section 6.2

shows that with simple controller adaption the bandwidth of boost converters can be enlarged. Further, in

Section 6.3 a very robust control concept is proposed. This ∆V/∆t-intervention control concept significantly

improves the transient behavior. It is explained how any conventional controller benefits from the simplicity

of the concept and that an intervention within only one computation cycle is effective.

Chapter 7 summarizes and concludes the results of this work and further, shows approaches for future work.

1.3 Contributions of This Work

The main outcome and contributions of this work are described in the following.

1. Digital control loop design and implementation:

The proposed designs of integrated control loop components, such as the ADC, the digital controller,

and the DAC with small conversion times, high resolution, and guaranteed monotonicity, allow to

operate SMPS with stable control at high bandwidth. These blocks enable an operation at high
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1 Introduction

output voltages (higher than the 1-3.3 V of prior publications) and high control bandwidths (higher

than 100 kHz).

Recent ADCs for digital controls are limited in resolution and only cover the voltage range around the

control set point. They can only be used in SMPS with small output voltages. High output voltages

require superior resolution of the ADC. To apply parameter identification methods, the ADC needs

to cover the full voltage range at the same time. This work first proposes a live-tracking functionality,

which allows for an operation over the full voltage range with significantly enlarged resolution by

following the output voltage dynamically. Experimental results demonstrate a delay line ADC with

live-tracking, that achieves 0.5 mV voltage resolution (6-bit), 90 ns conversion time, and 1.2 V dy-

namic conversion range. It was published at ESSCIRC 2018 [12].

This work proposes a charge pump DAC design with (1) high resolution for accurate output voltage

regulation and for avoiding limit cycle oscillations (LCO), with (2) short conversion time for control

stability, and with (3) inherent monotonicity for preventing oscillations. With these three features

the DAC qualifies for use in automotive and other high-voltage applications. Measurement results

confirm the short conversion time of 128 ns. The very high resolution of 53.8 µV, which is equivalent

to a 15-bit full-range DAC, is enabled by special design actions. This was not achieved by prior art

DACs. Monotonicity is guaranteed by concept. The steady-state current consumption (20 µA) is very

low. With an extremely small leakage based drift of 0.076 µV per switching cycle a 1 LSB output

voltage change is first observed after several thousand switching cycles in standard converters. The

proposed DAC was published at ESSCIRC 2018 [12].

A Delta-Sigma ADC with small layout area is optimized for low conversion time (3 µs) and sufficient

resolution (9.5-bit). A hybrid DPWM for direct digital pulse-width modulation signal generation is

developed with zero latency, 12-bit resolution, and guaranteed monotonicity. Further, a R-2R DAC

with 10-bit resolution is shown. Investigations with special focus on digital control comprehensively

derive the design requirements for guaranteed monotonicity of the R-2R DAC. Also, the conversion

time for control stability analysis is derived.

A performance comparison of the presented control loop components to analog control shows that

smaller output voltage deviation and shorter recovery times are achieved with digital controls. Be-

yond that, a chip comparison to commercial automotive products demonstrates that digital control

saves cost. An automotive airbag chip comprising a boost converter can be fabricated with digital

control at 2.5 times smaller chip area. Full-integration is achievable with digital control in an auto-

motive power IC, which is not possible with analog control. Through the full-integration one pin less

is required. The electromagnetic compatibility (EMC) requirements are met, since there is no pin

sensitive to electromagnetic interferences. Automotive safety rules are followed more easily, as no

external component loss detection must be implemented.
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1 Introduction

2. Fast and goal-oriented parameter identification:

As part of this work, a study on parameter variations of the main components of an SMPS points out

that cost is reduced and availability ensured when passives with production tolerances are accepted.

Low-cost standard capacitors easily vary by around ±40 %, if production tolerances, temperature

variations and aging are taken into account. The influence of such parameter variations on the trans-

fer behavior of SMPS is immense: the control bandwidth varies by a factor of five and the phase

margin uncertainty endangers stability with up to 70◦ variation. Standard control designs have to

provide large margins to ensure stability. In order to fulfill a given maximum output voltage deviation

specification with any parameter variation, the output capacitor value needs to be chosen five times

higher than without parameter variations. It is demonstrated that inductor, output capacitor, and load

have the largest impact on the transfer behavior of an SMPS. Existing parameter identification solu-

tions propose identification with continuous output voltage disturbances. Complex sets of equations

are solved at the expense of extensive hardware effort. Identification times are in the range of several

milliseconds. This is limited in automotive and other applications, as no in-operation output voltage

disturbances are allowed and also startup time is smaller than 1 ms including converter soft-start.

In this work, a combined inductor and capacitor identification is shown for the first time. It works

both before startup and during operation. The startup identification comprises a very short 3-pulse

identification scheme for identification of the most influential converter parameters. Experimental

results confirm an accurate identification within 85 µs, which is 12x shorter than prior art [13]. This

enables the usage in applications with limited startup times, e.g. automotive applications. Measure-

ment results indicate a low maximum identification inaccuracy of about 5 % for the inductor and 13 %

for the capacitor, respectively. The identification during operation leads to the same accuracies and is

finished after at most 2 µs (7000x shorter than prior art [14, 15]). Due to the high identification accu-

racy and the low overall implementation effort of the presented identification an accurate controller

adaption to the actual capacitor and inductor value is enabled. It allows for autotuning in current mode

controlled converters, which was not published before. The proposed identification was published at

APEC 2019 [16].

This work proposes a load identification method which is of great relevance for advanced control

concepts and adaptive voltage positioning. In contrast to prior art, it works at high accuracy without

additional circuitry and power losses. Experimental results show very small identification inaccura-

cies of 3 % and below. It was first presented at PRIME 2016 [17].

In the proposed solutions the load, the inductor value, and the capacitor value, are determined. That

is why the control success of advanced control concepts, that strongly relies on these values, can be

significantly increased.
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3. Robust and fast transient controls:

The supply voltages of electronic devices decrease to lower values along with smaller voltage mar-

gins. A study of capacitor volume sizes and prices shows that smaller capacitors are more economical.

Smaller voltage deviations and smaller capacitors can only be achieved with intelligent controls.

In boost converters, the RHPZ limits the maximum control bandwidth. Various adaptive controls,

maximizing the bandwidth and stabilizing the control, are proposed in this work. An adaptive con-

trol, which chooses the best fitting controller configuration according to the load situation, improves

the output voltage deviations by a factor of 2.4 and the recovery time by a factor of 1.5 in case of

load transients. Extending the controller adaption also to the input voltage, the control behavior is

improved in 93 % of the operating points of the presented boost converter. The control concept was

presented at PRIME 2016 [17].

Further, a robust digital control technique, which is referred to as ∆V/∆t-intervention control in this

work, is proposed for the first time. It improves the output voltage deviations by a factor of 2.8,

and the recovery time by a factor of 1.8. Thus, the capacitor becomes cheaper and high-frequent load

transients are well handled. The control technique is widely applicable, as it supports constant switch-

ing frequencies, allows for duty cycle limitations, and does not require fast inductor current sensing

or high-performance analog-to-digital conversion. The proposed ∆V/∆t-intervention digital control

technique relies only on few parameters that are most likely subject to variations and, therefore, it is

usable without any self-tuning procedure or calibration routine. For digitally controlled boost con-

verters in automotive applications with high safety requirements, this control is well suitable, because

it does not face mode or configuration transitions, guarantees stability, and effectively improves the

transient behavior with low implementation effort. The ∆V/∆t-intervention control was published at

APEC 2018 [18].
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2 Motivation for Digital Control of
Switched-Mode Power Supplies

2.1 Applications

With the increasing number of electronic devices in every imaginable field of living voltage supply gen-

eration from various energy sources is required. An SMPS generates proper voltages for operation of the

electronics from the corresponding energy source. In the following an overview of exemplary SMPS appli-

cations is given, Fig. 2.1. [19,20] present plenty more application fields of SMPS with both boost and buck

functionality.

Figure 2.1 shows that SMPS are used in cars, laptops, smart phones, tablets, TVs, and e-bikes. They are

inserted for supplying infotainment systems with human-machine interfaces (HMIs) in cars, for supplying

board computers and sensors in e-bikes, or for supplying various microcontrollers, central processing units

(CPUs), and application-specific integrated circuits (ASICs) with enormous computation capabilities in all

applications. These examples live from a variety of energy sources. In cars, there is the car battery (see

below for more information about the power supply and distribution in cars), which exhibits varying voltage

values due to different charging states and load situations. Therefore, SMPS provide constant voltages to

the electronic sub-blocks. In other applications, the energy sources are regular, smart phone, rechargeable

batteries or intermediate DC voltages generated from the AC grid.

USB has become a standard interface in electronics for both data and power transfer. Applications com-

prising a universal serial bus (USB) require both step-up (boost) and step-down functionality (buck), e.g.

smart phones or tablets. When the smart phone / tablet needs to get charged, the SMPS works with step-

down functionality converting the 5 V from the USB port to the lower voltage of the lithium battery. In

contrast, when any peripheral, such as a mice or a keyboard, is plugged in, the SMPS operates with step-up

functionality converting the lithium battery voltage to the 5 V required by the peripheral.
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Fig. 2.1: Applications of SMPS.

In robotics and drone applications, SMPS are used for converting the battery voltages, which are multi-cell

lithium battery packs with typical voltages ranging from 6 V to 25 V, down to 5 V for motion and flight

controllers.

There are many more fields, where SMPS are applied, e.g. aircraft, satellites, data centers, energy harvest-

ing, implantable devices, among others.

This work covers, but is not limited to the standard applications as mentioned above. Further, it focuses

in particular on quality applications, which come along with enlarged safety and reliability requirements.

Therefore, these applications, where automotive applications stand out, are discussed in more detail in the

following. These applications are highly relevant for future SMPS, since their markets, in particular the

automotive market, are expected to be the next big semiconductor markets [10]. The forecast of [21] shows

that the automotive IC market is awaited to be the fastest growing IC market with an annual growth rate of

12.5 % till 2021.

Modern cars already contain many electronic devices and applications. Autonomous driving enables the

end-user to utilize more comfort, communication, and entertainment features. This development and recent
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trends towards hybrid and electric vehicles continuously enlarge the number of electronics and electric func-

tionalities. At the same time, the number of electronic control units (ECUs) and sensors grows strongly, as

they are required for assisted or autonomous driving. Still, safety is very important in cars which explains an

impressive number of electronic devices for airbags, intelligent light systems, collision prevention systems,

and driver assistance systems. Further, actual mechanical systems are replaced by electrical components,

e.g. braking, steering, among others. To sum up, there is already an impressive number of electronics in a

car and the number is still rising.

The enormous number of electronics makes the energy supply and distribution a challenging task. For this

reason, nowadays cars often have two energy sources, a 12 V- and a 48 V-battery, Fig. 2.2. From these

energy sources the voltage supplies for the electronics are generated. High power loads are connected to the

48 V-battery for reasons of efficiency. Light loads and many traditional 12 V-loads remain with the common

12 V-battery. Figure 2.2 shows such a system with the many DC-DC converters (SMPS), which are used

for generation of various voltage supply levels. There are SMPS necessary for decreasing voltages to lower

output voltages (buck) and also for increasing voltages to higher output voltages (boost). In opposite to

other applications, there are various voltage supplies required in a car not only at low voltages levels (1 V-

3.3 V), but also up to 48 V, and higher. Typical loads are human-machine interfaces, sensors, motor and

valve drivers, network interfaces (CAN, etc.), displays, and many others which are used for infotainment,

heatings, lighting, air condition, and so on.

Fig. 2.2: Energy distribution and voltage supply in modern cars.

In order to safely operate all the electronic loads, several SMPS are implemented, as point-of-load converters

for the generation of voltage supplies directly at the load or as supply networks for the generation of sub-
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voltages. An electronic control unit (ECU) is used for the control of electrical systems in a car, such as the

airbags, etc. The block ’ECUs’ (Fig. 2.2) combines microcontrollers, ASICs, or field programmable gate

arrays (FPGAs), among others. Due to the increasing functionalities of the electronic loads and due to the

rising computing effort of these ECUs, SMPS have to operate at high performance for providing constant

voltage supplies. They have to counteract load transients, which occur more often and are more heavy.

Simultaneously, the voltage margins for regulation shrink due to increased supply voltage requirements of

the ECUs. This means, that load transients have to be regulated with smaller voltage deviations than before.

Further, the SMPS are aimed to be small and light-weighted for fuel savings and low CO2 emissions.

In automotive, numerous diagnostics and protection features are mandatory, such as short circuit to ground

detection, open load detection, power limitation indication, external components loss detection, over and

under voltage protection, among others. Consequently, also for SMPS such functionalities are relevant.

This applies in particular to external passives that need to be identified in value or in availability [22].

Enhancing passenger safety is a main goal for future car development. New intelligent lightings, such as

adaptive front light systems turning on and off the high beam dynamically or in segments with a camera

based technology, improve the road illumination and, therefore, the passenger safety. In these lighting

systems, boost converters are necessary for increasing the 12 V-battery voltage to a higher voltage level

demanded by the high beams. Due to the new segmented turn-ons, the boost converters recently face an

increased number of load transients with different intensities. Also, the camera used for control of the high

beams requires a supply. Typically this supply is in the range of 10 V. Again, a supply network, including

buck and boost converters, is necessary generating the 10 V-supply, see Fig. 2.2.

Also, in other mobility applications the number of and the requirements of SMPS rise. Sales figures for

e-bikes show a steep upward trend [23]. Here, SMPS provide the supply voltages for the head unit and the

board computer with HMIs. Typical voltages are 36 V or 48 V for the battery pack, which are converted into

lower voltages for the loads in a e-bike. Also in these applications, safety features gain in importance, anti-

lock braking systems (ABS) were lately presented [24]. In case of a dangerous driving situation the ABS

ensures safe breaking. For a short time, great computational effort is generated, which again requires the

SMPS to operate with high performance to instantly provide the high additional supply current demanded

in such a situation.

Furthermore, there are a lot of other mobility applications that require SMPS operating at high-performance

in terms of wide current ranges support, fast regulation of large load transients, and small deviations from the

nominal voltages. These applications include for example e-scooters, pedelecs, drones, segways, e-wheels,

among others.
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2.2 Digital Control Benefits

SMPS require a control to ensure constant output voltages even when the SMPS is disturbed. Traditionally,

these controls were made of analog components. On the one side, this is reasonable as the analog control

loops have a simple structure and analog controls, in general, are well understood. On the other side,

analog controls face some significant limitations. In 2004, Maksimović, Zane, and Erickson summarized

previously published digital controls and also introduced new practical ones [25]. They demonstrated that

performance improvements are achievable and new capabilities are enabled by digital controls. As these

features are difficult or impractical to realize with analog controls, digital controls gained in popularity ever

since. The significant advantages and new possibilities are explained in detail in the following subsection.

Finally, the advantages of digital controls are summarized in a comparison to analog controls in Table 2.1.

Variability of Controller Coefficients

Improved control performance. SMPS are expected to provide constant voltages regardless of the inten-

sity of the load transients to regulate. This task is demanding, as they are getting more and more intense, see

Section 2.1. Using digital control, it is simple to vary or to exchange the controller coefficients with other

stored coefficients. This enables the use of adaptive and smart controls. These controls allow for perfor-

mance improvements in terms of small output voltage deviations and short recovery times. Thus, the limits

of standard controls can be broken and cost can be reduced, which is not possible with analog controls.

Variable controller adaption. End-users demand for low-cost systems and highly prefer plug and play

solutions. Digital controls of SMPS show great potential to make these features available by reason of

variable controller coefficients. When parameter identification is applied, the system can adapt its controller

by itself. Also, in operation such an adaption to the actual situation, called autotuning, is achievable. Since

in analog control the controller is built with passives, such as resistors and capacitors, the implementation of

advanced controls, plug-and-play features, and autotuning is only possible with significant hardware effort.

Enhanced programmability and flexibility. Manufacturers like to use as few platforms as possible to

develop the SMPS products, since this reduces the design effort. With the great programmability and

flexibility of digital controls they can greatly reduce the number of platforms still meeting all customers

requirements. A single digital control design enables programmability of the nominal output voltage, the

controller coefficients, startup behavior, and many other key parameters. Consequently, development cost

is significantly reduced.
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Digital Design Advantages

No parameter variations of compensation devices. SMPS designers are required to keep the passives of

the SMPS small in order to save cost. Yet, stability takes precedence under all circumstances. Ensuring

stability with small passives is difficult and therefore, is already a challenging task for SMPS designers.

Additionally, with analog control they have to take into account large margins for the parameter variations

of the passives used. This means that the nominal values of the passives need to be chosen larger, because

resistors and capacitors underlie production tolerances, temperature dependencies, and aging. Through

these effects, the actual value of such a device quickly varies by approximately ±50% of its nominal value.

The variation is not predictable. Since the passives of the controller are not the only ones in an SMPS

system, they add up to an immense overall variation of the transfer function, see Section 4 and 5. The

control design gets simplified and cheaper by digital control, as there are fewer passive components.

Good design portability. Time-to-market is essential for the success of a product. Consequently, short

development cycles are a great challenge to bear in development. In electronics, digital control designs are

very high speed integrated circuit hardware description language (VHDL) based. Therefore, the controller

design is independent on the implementation platform, it can be implemented in any FPGA, µC, or IC.

Especially, in integrated solutions the design portability is high compared to analog controls. VHDL based

designs are independent on the technology used, whereas an analog design shows dependencies on the

technology used. With good design portability shorter development cycles are enabled, e.g. in consumer

electronics and automotive electronics.

Shrinking process technology nodes. In cost-driven applications, chip area is required to be as small as

possible. Digital designs for integrated solutions benefit from shrinking process technology nodes, which

become smaller from one process generation to the other. With shrinking nodes the digital design needs less

chip area, which saves cost. In contrast, the cost savings of the analog counterpart are relatively small, since

analog structures most often do not scale down by the same factor as digital structures do. The reasons are

design difficulties due to lower voltage rails and a massive increase in physical effects in the layouts [26,27].

Simple monitoring and diagnostics. Due to the growing complexity of modern electronic systems, mon-

itoring, diagnostics and communication features are highly demanded. They enable safe operation and

indication of system status including failures during operation and simplify maintenance. With a digital

core the implementation of these features becomes simple. Low power modes for energy saving, e.g. pulse

skipping or segmented field-effect transistor (FET), can be realized much easier than with analog systems,

as the control of the modes can be implemented digitally [28, 29].
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Adaptive voltage positioning. To follow the strict voltage margin specifications of modern electronic

devices, adaptive voltage positioning is implemented [30, 31]. In adaptive voltage positioning, the set point

of the control is modified according to the load situation. When the load is already high, load transients to

higher loads, which would lead to a voltage drop, can be excluded. Therefore, the control set point is moved

to a lower value. Thus, for a subsequent load transient to low load, more voltage headroom is available for

regulation of the voltage overshoot. Thus, this helps to fully exploit the specified output voltage margin

in an SMPS in case of load transients. In consequence, the output capacitor values can be chosen lower.

Adaptive voltage positioning can be implemented digitally without complex current sensing and analog

position control.

Feasibility of parameter identification. Cheap inductors and capacitors for building the SMPS come

together with great parameter variations. The realization of parameter identification is comfortable in digital

systems, as stimulation, observation, and analysis of the SMPS for identification can be executed digitally

with low effort. This becomes even more relevant when thinking of more complex converter topologies,

as there is a larger number of passives used. Therefore, the controller design is more difficult and can be

simplified by means of parameter identification.

Cost Savings Through Area and Footprint Minimization

Area minimization. In integrated chip development, integration area equals cost. With digital control the

chip area required for the integration can be smaller than with analog control. The area savings depend on

the control method and further on the size of the analog passives required for building the analog controller.

In turn, this size depends on the converter topology, power class, and control bandwidth. The size of the

digital implementation is nearly constant as almost always the same ADC, DAC or DPWM, and digital

controller can be used regardless of the aforementioned factors.

No pin and external components. Ensuring reliable system operation is often difficult in harsh environ-

ments. This accounts in particular for external components, which are expected to work across a whole

operating spectrum of temperature, vibration, moisture or even contaminations. A great advantage of the

digital implementation is that full-integration is always achievable. In analog control, if the passive device

values are too large, they cannot be integrated. Hence, they are applied externally. Therefore, an additional

pin including ESD protection has to be spent. In applications with strict EMC requirements this very sensi-

tive pin is unfavorable. It may prevent that direct power injection (DPI) tests will not be passed. Also, loss

/ short-circuit detection for the external devices is necessary and causes additional cost. Further, externally

mounted passives face parasitics, while this is negligible for integrated passives.
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Table 2.1 summarizes the advantages of digital control and compares it to analog control. The comparison

refers to integrated solutions.

Tab. 2.1: Digital control benefits compared to analog control in integrated SMPS.

Parameter Digital Analog

Control
performance

Low effort for advanced controls due to
variable controller coefficients,
simple load identification and position
control for adaptive voltage positioning

High effort for advanced controls due to
non-variable compensation devices,
complex current sensing and position
control for adaptive voltage positioning

Configurability
/ flexibility

Simple controller adaption and system
configuration (Section 5 and 6)

Controller adaption and system config-
uration only with large hardware effort

Parameter
variations

Not critical, as no compensation de-
vices required (Section 6) + identifica-
tion of SMPS passives (Section 5)

Critical, compensation devices and
SMPS passives required

Time-to-
market

Short, due to few production platforms,
high design portability, and feasibility
of plug- and play features

Long, due to individual control design
for each application

Production
aspects

High design portability, benefit from
shrinking process technology nodes,
simple monitoring and diagnostics, low
test cost

Moderate design portability, no bene-
fit from shrinking process technology
nodes, limited monitoring and diagnos-
tics, relatively high test cost

Application
range

Prior art (ICs): limited to Vout < 3.3V,
this work: enlarged Vout-range (Sec-
tion 4)

Large Vout-range in integrated solutions

Design
challenges

High resolution and monotonicity of
ADC and DAC for preventing oscilla-
tions, low conversion times for control
stability (Section 3.2)

Parameter variations of passives, pre-
vention of controller wind-up, meeting
EMC requirements, etc.

Full-
integration

Always achievable, no external compo-
nents, no pin for their connection (Sec-
tion 4.4)

Achievable only in few applications,
most often external devices with pin for
their connection

Footprint /
chip area

Constantly small, depends on applica-
tion (Section 4.4)

Large, depends on application (Sec-
tion 4.4)

In conclusion, digital control of SMPS benefits from the variability of controller coefficients, general digital

design advantages, and area and footprint minimization. The variable controller coefficients enable im-
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proved control performance through smart and adaptive controls, variable adaption of the controller used

for autotuning and plug-and-play functionality, and enhanced programmability and flexibility for low de-

velopment cost. General digital design advantages include that there are no parameter variations, which

are caused by the compensation devices in case of analog control. Once the design platform has been de-

veloped, the good design portability leads to short development cycles. The digital design benefits from

shrinking technology nodes expected in future fabrication technologies. Diagnostics and monitoring can be

implemented easily, which allows for predictive maintenance and safe operation. Parameter identification

is enabled through the digital design. Therefore, cheap inductors and capacitors can be used. The area and

footprint minimization leads to cost savings and high reliability by eliminating external components and the

corresponding pin.
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3 Fundamentals of Switched-Mode Power
Supplies with Digital Control

Electronic devices rely on voltage supplies. In a typical electronic system, the power supply, i. e. a battery,

does not deliver the appropriate voltage necessary for operation of the device, as the output voltage of the

battery does not match to the supply voltage required by the device. Further, the battery voltage varies

according to its charging status or in consequence of load changes, while the electronic device requires a

constant voltage. Therefore, an intermediate stage - a switched-mode power supply (SMPS) - is used in

order to convert the battery voltage into the appropriate supply voltage level for the electronic device.

3.1 Switched Mode Power Supplies

SMPS is the umbrella term for various topologies of voltage conversion, from relatively simple topologies

like buck converters to highly complex resonant converters. This work focuses on the control of these

converters, in particular of boost and buck converters.

A boost converter converts an input voltage Vin into a higher output voltage Vout. The boost converter

operates in two phases. In a first phase, energy is stored, and in a second phase, energy is transferred. In the

following, the working principle of a boost converter is explained on the basis of these two phases. A buck

converter converts an input voltage Vin into a lower output voltage Vout. The working principle is similar to

the working principle of a boost converter. Fundamentals of buck converters can be found in Appendix A.1.

The converters operate either in continuous conduction mode (CCM), where the inductor current does never

reach 0 A, or in discontinuous conduction mode (DCM), where the inductor current partially reaches 0 A.

In the following, the inductor current characteristics, and also voltage characteristics, are shown for CCM.

For constant and stable output voltage under all operation conditions a control is used. Typically, one of the

two standard control methods is applied: voltage mode control (VMC) or current mode control (CMC). For

controller design, no matter if analog or digital, a plant model is required.

In the following the fundamentals of a boost converter are shown and a plant model is defined.
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Topology and Working Principle

Figure 3.1 shows the topology of a boost converter. The boost converter is controlled with the help of a

PWM signal controlling the switch. The output voltage is set by the duty cycle D = ton/Tsw. The switch

on-time is ton, the switch off-time is toff, and Tsw = ton + toff is the switching period.

Rload

L

VoutCSVin

D

vL

iL

iS

iD iload

iC

Fig. 3.1: Boost converter topology.

In the following part, the output-to-input voltage ratio is derived assuming CCM and steady-state operation.

Parasitic effects have only minor influence and, thus, are disregarded for the explanation of the working

principle. The relevant current and voltage characteristics are shown in Fig. 3.2.
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Fig. 3.2: Boost converter waveforms.

In the phase of energy storing the switch S is conducting. Consequently, the inductor current iL is rising,

whereas the diode D is blocking. The load, which is modeled by an ohmic resistance Rload, is solely supplied

from the output capacitor. Since parasitics are neglected, the inductor voltage VL is described by:

VL = L · diL
dt
→Vin = L · ∆I

ton
(3.1)
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∆I is the current amount by which the inductor current rises during the phase of energy storing.

In the phase of energy transfer the switch S is blocking. Consequently, the energy stored in the inductor

is transferred to the output. Thus, the output capacitor is charged and the inductor current decreases. The

following equation describes the inductor voltage:

VL = L · diL
dt
→Vin−Vout = L · ∆I

toff
(3.2)

In this phase, the inductor current decreases by the current amount ∆I, Fig. 3.2.

In steady-state, ∆I of the energy storing phase and of the energy transfer phase are equal. By combining

equations (3.1) and (3.2) the output-to-input voltage ratio can be derived:

Vout

Vin
=

1
1−D

(3.3)

There is no continuous current provided to the output capacitor in a boost converter, which can be seen by

the 0 A-portion of the diode current iD, Fig. 3.2. As the capacitor current iC is described by iC = iD− iload,

the current steps in the diode current waveform are propagated to the output capacitor. Consequently, the

output voltage ripple can get relatively large. This is shown in the zoomed part of Fig. 3.2. While the switch

S is on, Vout decreases linearly, because a constant current is drawn from the capacitor. While the switch is

off, the output voltage ripple Vout is determined by the values of C and its parasitic resistance RC.

Control Concepts

The main goal of SMPS is to provide a constant output voltage, which is immune to disturbances, e.g. input

voltage or load variations. Therefore, the duty cycle is not kept constant, but controlled. There are two

common control methods: voltage mode control (VMC) and current mode control (CMC).

VMC is well suited for straight-forward control loop design and implementation, as it comprises only a

single control loop, which is adequate to analyze and implement, Fig. 3.3. First, the analog output voltage is

sensed with the help of a high-ohmic resistor feedback divider and then converted into a digital signal. This

resistor feedback divider is in particular necessary with relatively high output voltages, which are the scope

of this work. It is required, as the ADC is working in a low-voltage supply domain. The digital signal is

used for the calculation of the control deviation, which in turn is used to determine the controller command.

This digital controller command is then converted into a pulse-width modulation (PWM) signal with a duty

cycle proportional to the controller command. The PWM signal controls the switch S.
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Fig. 3.3: Boost converter with voltage mode control (VMC).

VMC suffers from poor line regulation, as any input voltage change has to be first sensed as output voltage

change before it can be counteracted by the control. Further, the output filter of the boost converter adds

two poles to the plant and consequently, requires complex compensation of both poles.

Current mode control (CMC) addresses these drawbacks by adding a second control loop, Fig. 3.4. The line

regulation gets excellent and the compensation less complex. Since the rising slope of the inductor current,

that depends on the input voltage, is used for generating the PWM signal, any input voltage variation is

immediately counteracted. Besides, the second control loop moves one plant pole to a non-relevant high

frequency range. Thus, only the compensation of one pole is necessary, which simplifies the controller

design. In addition, inductor overcurrent can be prohibited by limiting the controller output at no cost.
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Fig. 3.4: Boost converter with current mode control (CMC).

The basic implementation of CMC is similar to VMC, but the generation of the PWM signal is different,

Fig. 3.4. In CMC, the controller command is compared to the inductor current, which is inherently triangu-

lar. There are three common possibilities to use the inductor current: in peak CMC the maximum inductor
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current value is controlled, in valley CMC the minimum inductor current value is controlled, and in average

CMC the average inductor current value is controlled. In case of peak CMC, a flip-flop is set every clock

cycle. The comparison of the controller command and the inductor current is used for reseting this flip-flop.

Thus, the two control loops are combined: the inner current loop and the outer voltage loop.

In peak CMC, the SMPS can face unwanted output voltage oscillations (subharmonic oscillations) at duty

cycles above 50 %. In valley CMC, this can already occur at duty cycles below 50 %. They can be prevented

by adding a ramp compensation to the sensed inductor current [32], as indicated by Vcomp in Fig. 3.4.

Plant Model

For the design of a suitable controller, a plant model is required. In control design, the plant model is

preferably built with linear time-invariant systems, because many standard control design methods are ap-

plicable to these systems. Unfortunately, there are nonlinear components in a boost converter, i.e. the

diode and the switch. Consequently, the plant has to be linearized in its operating point. The PWM switch

model of Dr. Vorpérian [33], which replaces the switch-diode combination by linear components, such as a

transformer, a current source, and a voltage source, enables the linearization.

The following plant model is valid for a boost converter with CMC and comprises a quadratic term in the

denominator, modeling the subharmonic oscillations. Also, the current control loop for the generation of

the PWM signal is modeled. The controller command Verr (after digital-to-analog conversion) is the input

signal and the converter output voltage Vout (before analog-to-digital conversion) is the output signal.

T (s) =
Vout(s)
Verr(s)

=
Rload

Rshunt
· 1

2M+
RloadTsw

LM2 ·
(

1
2
+

Se

Sn

)
︸ ︷︷ ︸

K

·
1+

s
ωz1

1+
s1

ωp1︸ ︷︷ ︸
z1 & p1

·
1− s

ωz2

1+
s

ωnQp
+

s2

ω2
n︸ ︷︷ ︸

z2 & p2 & p3

(3.4)

with

ωz1 =
1

RCC
ωp1 =

1
C
·
(

2
Rload

+
Tswmc

LM3

)
mc = 1+

Se

Sn

ωz2 =
Rload (1−D)2

L
M =

Vout

Vin
Se =

fswVcomp,pp

Rshunt

ωn =
π

Tsw
Qp =

1
π (mc · (1−D)−0.5)

Sn =
Vin

L

It models the behavior of the boost converter for frequencies up to fsw/2 and considers all major influencing

parameters of the converter.
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The nominal parameters for the boost converter predominantly used in this work are shown in Table 3.1.

Tab. 3.1: Standard parameters in this work.

Parameter Value

Input voltage Vin = 3.5V

Output voltage Vout = 6.3V

Switching frequency fsw = 500kHz

Switching period Tsw = 2µs

Inductance L = 20µH

Inductor equivalent series resistance RL,eq = 100mΩ

Capacitance C = 20µF

Capacitor equivalent series resistance RC = 10mΩ

Load resistance Rload = 20Ω

Ramp compensation voltage Vcomp,pp = 300mV

Shunt resistance Rshunt = 500mΩ

Figure 3.5 shows the bode diagram resulting from the control to output transfer function shown in (3.4).
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Fig. 3.5: Bode plot of the boost converter transfer function.

The pole frequencies fp1 and fp2 are marked with x. The zero frequency fz2 is marked with o. fp3 and fz1

lay outside the modeled frequency range and, therefore, are not visible in this diagram.
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Right-Half Plane Zero

The second zero fz2 is a right half plane zero. RHPZs enhance the amplitude and, simultaneously, increase

the negative phase shift of the open loop. It models a behavior, which is specific for boost converters and

also other converter topologies, which do not work with continuous energy transfer to the output.

In case of a load step, demanding a higher load current, the controller reacts by enlarging the duty cycle,

temporarily. Thus, the inductor current increases. With greater duty cycle the period of conducting switch

becomes longer and the period of delivering current to the output capacitor becomes shorter. Consequently,

despite the fact that the inductor current has increased, even less charge may be provided to the output

capacitor. For a short time, the requested effect (more charge) is opposed to the actual effect (less charge).

This behavior corresponds to a RHPZ.

Wrong cause-effect relationships are dangerous in control loops, since they lead to instability. In a boost

converter control loop, this instability can occur when the output voltage decreases due to a load step from

low to high load. The controller tries to counteract by requesting a higher duty cycle in order to compensate

for the output voltage drop and, thus, increases the inductor current. If the duty cycle is greatly increased,

current is delivered to the output capacitor only within a short period of time. Consequently, the boost

converter does not benefit from the higher inductor current. The output voltage drops even more. Logically,

the controller will demand an additional increase of the duty cycle and the period of delivering current to

the output capacitor gets even shorter. This may in particular happen for very fast controllers. The control

loop can get unstable. The practical solution to prevent this instability is to limit the control bandwidth.

Thus, the boost converter gains time to benefit from the increased inductor current and the output voltage

rises before the controller counteracts more drastically.

In the frequency domain, this means to choose the crossover frequency of the control much lower than

the RHPZ, because the phase lag becomes large at the RHPZ frequency. The maximum crossover fre-

quency fc,max is most commonly chosen not higher than one third of the right-half-plane zero fRHPZ.

fc,max = 1/3 · fRHPZ (3.5)
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3.2 Digital Control

3.2.1 Control Loop Architecture

The digital control loop comprises an ADC, a digital controller, and a unit for generation of a PWM signal.

In case of VMC, this unit is most often a digital pulse-width modulation (DPWM), and in case of CMC, a

digital-to-analog converter (DAC) is used. The structures are shown in Fig 3.3 and Fig. 3.4. The ADC is

used for conversion of the analog output voltage into a digital value, which in turn is used in the digital part

for calculation of the control deviation. A digital control algorithm calculates a control command, which

is converted directly into the corresponding duty cycle with the help of a DPWM. A DPWM generates a

pulse-width modulated signal with a duty cycle correlating to its input. With CMC the controller command

is converted by a DAC into a corresponding inductor current command for the inner current control loop.

No matter which control method is used, digital control loops face some challenges, which analog control

loops do not. These challenges arise from the time and amplitude quantization associated with the compo-

nents required for digital control, namely the ADC and the DPWM (or the DAC). This is covered in the

next Section 3.2.2. Suitable designs for the ADC and DAC, addressing these challenges, are proposed in

Section 4.

3.2.2 Challenges

Dead Times

For stable control, low dead times are necessary. Large dead times reduce the phase of the control loop

resulting in a less damped or even unstable control. This is in particular relevant in digital control loops, as

there are additional delay sources, contributing to the overall dead time in the loop. The ADC needs time

for the conversion of the analog output voltage into a digital value. The same holds for the DAC. These

conversion times appear as dead times for the control loop. Another source of a dead time is the calculation

time of the controller command.

The relation of dead time TD, crossover frequency fc, and phase margin shift ∆ϕ is:

∆ϕ =−360◦ · fc ·Td (3.6)

Figure 3.6 shows the phase margin shift as a function of dead time and crossover frequency. An exemplary

digital control loop, consisting of a pipeline ADC, requiring 5 µs for conversion and a resistor-string DAC
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with 5 µs settling time already reduces the phase margin by 35◦ at fc = 10kHz. Thus, the control suffers

from reduced damping or even instability.
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Fig. 3.6: Phase margin shift as a function of the dead time and the crossover frequency of the converter.

It is possible to compensate for some phase margin shift with proper controller design. That is why a phase

margin shift of 10◦ is tolerated in this work as this can be compensated by an appropriate controller design.

Limit Cycle Oscillations

The quantization introduced through the ADC and the DAC can lead to unwanted oscillations, called limit

cycle oscillations (LCO). LCO are steady-state oscillations of the output voltage at frequencies lower than

the switching frequency of the converter [34]. They are undesirable as both frequency and magnitude of

the oscillations are difficult to anticipate. Therefore, LCO consume an unknown part of the specified output

voltage margin of the later product and the electromagnetic interference (EMI) is hard to predict.

The ADC quantizes the output voltage. Consequently, there is an analog voltage range with the width of

1 LSB, hereinafter called bin, for each digital value. Also, for the digital set point an analog voltage range

defined by its mid-value Vsp, the 0-bit-error-bin, exists. Once, the output voltage is located within this bin,

the control error is zero. Premise for permanent elimination of any non-zero control error is that there is

a DAC value which forces the output voltage to the 0-bit-error-bin, steadily. This premise will be fulfilled
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when the DAC resolution referred to the output voltage is higher than the resolution of the ADC referred to

the output voltage:

Resolution(DAC)> Resolution(ADC) (3.7)

Figure 3.7(a) shows what will happen, if this condition is not considered. There is no DAC-value, which

corresponds to an analog voltage within the 0-bit-error-bin. That is why the output voltage Vout does not

stay permanently within the 0-bit-error-bin and LCO arise.
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Fig. 3.7: Converter facing (a) LCO due to insufficient resolution and (b) no LCO due to proper resolution
choice.

If all conditions are met, the output voltage will stay within the 0-bit-error-bin in steady-state, without limit

cycle oscillations, Fig. 3.7(b).

In controllers without integral term, LCO occur regardless of the condition given in Eq. (3.7). To avoid this

kind of oscillations the control laws require to have an integral term.

Beside the shown conditions, [34–36] show further special cases, that lead to limit cycle oscillations along

with conditions to avoid them.

Controller Windup

The use of an anti-windup structure in the control law is recommended in digital controls. Otherwise,

controller windup may occur, resulting in regulation delays and large control deviations [37].

In a digital control loop the controller output is converted into an analog signal by a DAC. This DAC has

an operation range with a maximum and a minimum value that can be converted. Thus, it can happen that
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the controller demands a value outside of the operation range of the DAC. This is most likely the case for

large control deviations. The controller tries to counteract the large control deviation by a large controller

command. If this controller command is outside of the operation range, it is ineffective. The output voltage

does not move back to the desired value as fast as the controller scheduled it. Thus, a control deviation

is present for a long time. Due to the integrating part of the controller, the present control deviation is

integrated. Consequently, the controller output value increases further. But the DAC still does not provide

a higher analog output voltage. Once the control deviation is counteracted and changes in sign, the large

controller output value has to be integrated into the opposite direction in order to get back into the operation

range of the DAC. This delaying effect leads to long lasting and huge control deviations.

Controller windup is prevented with only a slight modification of the integrator in a standard controller,

Fig. 3.8. The saturation function is the difference to a standard controller. The limits of the saturation in

the integrator have to be chosen according to the limits of the operation range of the DAC (or other blocks

limiting the controller command). Thus, an integration is stopped once the upper or lower limit of the

saturation is reached.

OUTIN

z-1

SAT

Fig. 3.8: Digital integrator with anti-windup structure.

In [37–39] various other anti-windup controller implementations are shown and discussed.

Monotonicity

In digital control loops, guaranteed monotonicity of ADC and DAC is essential for non-oscillating operation.

An ADC is monotonic if, for increasing analog input voltage, the digital output increases, and vice versa. A

DAC is monotonic, if for increasing digital input values, the analog output voltage increases, and vice versa.

For both, the ADC and the DAC, monotonicity can be examined from the differential nonlinearity (DNL).

A DNL >−1 guarantees monotonicity. With a voltage Vz corresponding to a digital value Z, and a voltage

Vz+1 corresponding to the subsequent digital value Z+1 the DNL is defined by:

DNL = (Vz+1−Vz)/VLSB−1 (3.8)

Figure 3.9(a) shows the output voltage behavior of a boost converter with monotonic ADC and DAC. In

contrast, Figure 3.9(b) shows the output voltage with non-monotonic ADC. The ADC was modified in a

Page 29 of 190



3 Fundamentals of Switched-Mode Power Supplies with Digital Control

way, that the transition from value ’0’ to ’1’ is non-monotonic. All other value transitions are monotonic.

Oscillations arise, which are different before and after the load transient. This confirms that it is hard to

predict the amplitude and frequency of the oscillations. Also, a non-monotonic DAC leads to oscillations.

Consequently, in order to avoid them ADC and DAC monotonicity is mandatory.
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Fig. 3.9: Simulation of a boost converter with (a) monotonic ADC and (b) non-monotonic ADC.
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4 Design of Digital Control Loop Blocks

An analog PI controller can be built with a Type-II compensation network, Figure 4.1. A PI controller is

a common controller type, which provides corrective actions based on a proportional and an integrating

term. The analog Type-II compensation controller generates the controller command, in terms of the error

voltage Verr, from the converter output voltage Vout and the control set point Vsp. The implementation of the

Type-II compensation controller comprises only few resistors and capacitors. Often, in analog control more

complex controllers are used, which comprise more passives [40]. For illustration of the variation of the

transfer behavior of the analog controller, it is assumed that R1, C1, and C2 vary by ±30 %, unpredictably.

According to Section 5.1, the assumed variation is moderate and may be higher in actual analog designs.
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Fig. 4.1: Analog Type-II compensation controller and its bode plot with 30 % parameter variation of the
resistor R1 and the capacitors C1 and C2.

If a control with a bandwidth of 3 kHz is designed, solely the analog controller contributes to a phase margin

variation with 25◦, Fig. 4.1. This variation has to be added to the variation caused by the converter passives,

which is discussed in Section 5.1. Therefore, the overall variation becomes immense. In contrast, a digital

controller achieves a defined and known controller transfer behavior. Consequently, the controller does

not add to the overall phase margin variation. Further, digital control enables parameter identification of
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the converter passives to be performed, which is shown in Section 5. Thus, the overall transfer behavior

becomes well-known.

In addition to this advantage of significantly lower parameter variations in a digital control loop, digital

controls benefit from numerous other advantages, such as improved control performance, great flexibility,

and increased reliability, compare Section 2.2.

This work concentrates on digitally controlled SMPS fabricated as ICs in standard silicon technologies. In

particular, digital control in boost and buck converters is realized with an ADC and a DAC for current mode

control, and with an ADC and a DPWM for voltage mode control, respectively. The concepts presented

in prior art are most often targeted for relatively low output voltages, Fig. 4.2. In contrast, this work is

aimed to provide solutions also for higher voltages. This higher voltage range comes along with particular

design requirements. The major difference is, that the digital resolutions are required to be higher, i.e. the

output voltage quantization step is required to be smaller. The output voltages in such converters are scaled

down with the help of feedback dividers, as formed by R4 and R5 in Fig. 4.1. Feedback dividers scale

down the resolution, too. For example, a feedback divider ratio of 1:5 is required in a 6.3 V output voltage

converter, which is the output voltage of the boost converter shown in Section 6. If the resolution of the

ADC is designed to 10 mV/LSB, the effective output voltage resolution is insufficiently low (5·10 mV/LSB

= 50 mV/LSB). With high ADC resolution, a high resolution of the DAC is necessary for avoiding LCO,

see Section 3.2. Further, due to the large output voltages high resolution of the DAC is required for accurate

output voltage regulation.
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Fig. 4.2: Prior scientific publications of SMPS with digital control comprising an integrated ADC and DAC.

This work shows control loop block solutions addressing the common SMPS challenges of small size and

high integration. Further, for the demanding higher voltage applications, such as automotive, high resolution

ADC and DAC designs are proposed. In Section 4.1, a Delta-Sigma ADC is shown and a delay line ADC

with live-tracking is introduced. Section 4.3 presents a DPWM, a R-2R DAC, and a high resolution charge
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pump DAC. Finally, a comparison to analog control is shown in Section 4.4.

4.1 Analog-to-Digital Converter

The ADC samples the output voltage of an SMPS and produces a corresponding digital signal. The con-

version time of the ADC appears as delay in the control loop. According to Section 3.6, this conversion

delay is aimed to be minimal. Also, monotonic transfer characteristic is necessary to prevent output voltage

oscillations. The higher the resolution of the ADC, the more accurate output voltage deviations from the

set point can be detected and eliminated permanently. High sample rates support high switching frequency

converters. They enable sequencing, which allows to operate several control loops simultaneously or sense

multiple signals with only one ADC. The sample rate of the ADC in an SMPS is typically chosen equal

to the converter switching frequency. Then, the high-frequent output voltage ripple, which is caused by

the switching behavior of the converter, is filtered. The high frequency information is non-relevant for the

control. Sampling at frequencies higher than the switching rate, called multisampling, can also be practiced

in order to reduce DPWM delays [41, 42]. When multisampling is applied, the injected high-frequency

disturbances have to be filtered in the digital part avoiding malfunction of the closed-loop system. Al-

lowing for higher sampling rates than the converter switching frequency is further beneficial for parameter

identification, see Section 5.

In the following, converter architectures for analog-to-digital conversion are discussed. It is proven that a

standard Delta-Sigma ADC with small area effort provides good resolution at adequate conversion time and,

thus, is well suited for analog-to-digital conversion in medium bandwidth converters, e.g. boost converters.

Furthermore, a delay line ADC with live-tracking window concept is introduced, providing high resolu-

tion at high sampling rate with small conversion time. Consequently, it supports likewise high-bandwidth

controls with its excellent performance.

4.1.1 Converter Architectures

Digital control requirements, i.e. high resolution, monotonicity, and small conversion times at the same

time, are opposed to many other applications’ requirements. For example, in sensor signal processing the

conversion time of the ADC is of minor interest, whereas high resolution is important. Various ADC

architectures are available for these applications: pipeline ADCs and successive approximation ADCs,

which provide high resolutions but suffer from slow conversion times. Flash ADCs, which operate with

short conversion times but are limited in resolution, are required in other applications, like radar and optical

communication.
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Despite standard ADC architectures [43–46], dedicated architectures for digital control in SMPS were pro-

posed. [47–49] explore voltage controlled oscillator based architectures. The converter output voltage is

used for varying a ring oscillator frequency. This ring oscillator frequency, in turn, is converted into a

digital signal with the help of multiple counters and consequently, requires plenty of chip area in an in-

tegrated solution. In [47] the absolute output voltage is used for the ring oscillator input, which requires

the ADC to cover a wide voltage range. In [48, 49] the wide input voltage requirement is relaxed by using

the window concept, which is explained below. This window concept is also used in [45, 46], since the

reference voltage of a flash converter equals the set point of the control in these proposals. Consequently,

the difference of the set point of the control and of the output voltage is converted. Delay line based ADC

architectures [25,50–54] do not include area-intensive counters. They also make use of converting only the

difference of set point and output voltage. The design effort of delay line ADCs is reasonable, as inverters

are the basic elements and are inserted multiple times. Inverter based ADC architectures are well suited for

fulfilling the requirement of short conversion times in digital controls.

Window Concept

Unlike standard full-range analog-to-digital conversion, in the window concept the output voltage is solely

converted within a small voltage range (= window) around the control set point, Fig. 4.3. This is suitable

in stable controls, as the output voltage stays within small distance from the set point at all times and thus,

the window range can be small. Therefore, high output voltage resolution can be achieved without a high-

performance ADC, that would be necessary for high resolution over the full voltage range in conventional

operation. The window range is typically chosen to cover the highest output voltage deviations of the

application. Unfortunately, the use of the window concept is disadvantageous when parameter identification

coming with great voltage variations before operation is applied to the SMPS. Then the output voltage

information is lost due to the small conversion range.
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Fig. 4.3: Analog-to-digital conversion: (a) standard conversion and (b) conversion with window concept.
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4.1.2 Delta-Sigma Analog-to-Digital Converter

Delta-Sigma ADCs reach high resolutions due to their oversampling nature. They benefit from the possi-

bility of noise shaping and qualify for use in integrated digital controls due to their simple architecture and

small chip area required for integration. [55] presents a digitally controlled buck converter with Delta-Sigma

ADC operating at 100 kHz switching frequency. In [56, 57] a Delta-Sigma based ADC is extended by two

voltage controlled oscillators in order to use the window concept in a digitally controlled buck converter.

Design

Figure 4.4 shows the block diagram of a Delta-Sigma ADC. In the modulator, the analog input voltage is

converted into a high-frequent digital bitstream whose average equals the analog input voltage. The primary

task of the decimation filter is to determine the input voltage from the high frequent bitstream in form of a

digital value. Further, it is supposed to suppress high frequency noise.

Delta-Sigma modulator Decimation filter
ADC_OutBitstream

Delta-Sigma ADC

ADC_In

Fig. 4.4: Delta-Sigma ADC structure.

A (first order) Delta-Sigma modulator consists of a subtractor, followed by an integrator, a comparator, and

a DAC, Fig. 4.5. The input signal ADC_In is first compared to the latest output value (Bitstream). The

resulting difference is integrated. The integrated signal, in turn, is converted into a boolean signal with the

help of a comparator. The high frequent sequence of the boolean values is the bitstream, whose average

matches the analog input voltage. Higher modulator and decimation filter orders can be used for higher

resolutions.

Bitstream
ADC_In

Δ Σ
Integrator ComparatorSubtractor

DAC

D

A

Fig. 4.5: First order Delta-Sigma modulator.

A cascaded integrator comb (CIC) filter is implemented for decimation. It is preferably used, as it can be

built with only simple adders and memories, which allows for small chip area in integrated solutions. The
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filter is composed of an integrator, followed by a decimation stage, which reduces the sample rate, and a

differentiator, which works at the reduced sample rate, Fig. 4.6.

Bitstream

DifferentiatorDecimationIntegrator

1
1-z-1

1-z-1OSR:1
ADC_Out

Fig. 4.6: First order Delta-Sigma decimation filter.

The transfer function of a first order CIC filter with an oversampling ratio OSR = fin/ fout, where fin is the

high input sample rate and fout is the low output sample rate, is:

ADC_Out(z) = Bitstream(z) · 1
1− z−1 · [1− z−OSR] (4.1)

Conversion Time

The overall conversion time of Delta-Sigma converters is dominated by the calculation time of the decima-

tion filter. The calculation time of the modulator is of minor interest, as it works at much higher frequencies

than the decimation filter. In the decimation filter only the differentiator operates at low frequency. Conse-

quently, the calculation time of the decimation filter is dominated by the calculation time of the differentia-

tor D(z). The group delay describes the calculation time. It will be exemplary calculated for a first order

CIC filter, as shown in Fig. 4.6, with the output sample rate Ts. The differentiator transfer function D(z) is

expressed by:

D(z) = 1− z−1 = 1− e− jωTs = e− jωTs/2 · (e jωTs/2− e− jωTs/2) = e− jωTs/2 · (2 j · sin(ωTs/2)) (4.2)

The group delay Tgroup is defined by Tgroup =− dϕ

dω
. The phase of the differentiator ϕD derived from (4.2) is:

ϕD(ω) = 90◦−ωTs/2 (4.3)

Consequently, the group delay Tgroup of a first-order CIC filter is calculated by:

Tgroup =−
dϕD

dω
= Ts/2 (4.4)
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It can further be shown that the group delay of a Kth-order CIC filter is calculated by Tgroup = K ·Ts/2.

For sufficient suppression of noise, the order of the decimation filter is chosen an order higher as the mod-

ulator [58]. The oversampling ratio and the order of modulator and decimation filter define the resolution

of the ADC. The higher the orders and the higher the oversampling ratio, the higher the resolution. Since

Equation (4.4) indicates that the conversion time also increases with these parameters, high resolution and

low conversion time cannot be obtained, simultaneously. A trade-off between resolution and conversion

time is investigated in this work and shown in the following.

Experimental Results

A second order Delta-Sigma modulator is used to study for this work. The decimation filter is chosen to

a third order CIC filter. The maximum input sample rate for the available ADC is 8 MHz. For a 500 kHz-

converter the oversampling ratio is 16.
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Fig. 4.7: Load step response of a boost converter with Delta-Sigma ADC proving closed loop stability.

This configuration of the Delta-Sigma ADC leads to 9.5 effective number of bits, which equals an voltage

resolution of 2.5 mV, and a conversion time of 3 µs. According to Fig. 3.6 this leads to 10.8◦ negative phase

shift in a control loop with 10 kHz crossover frequency. Recent automotive boost converters’ crossover

frequencies are in between 1 kHz and 10 kHz, because they suffer from the RHPZ, see Section 3.1. Conse-

quently, the presented Delta-Sigma ADC is suited for use in these boost converters, which is confirmed by
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the closed-loop load step response measurement of such a boost converter, Fig. 4.7. The experimental setup

for this measurement is shown in Section 5.4 and the boost converter parameters are given in Table 3.1.

As the main limitation of Delta-Sigma converters for use in SMPS is the high conversion time, the decima-

tion filter order can be reduced. Then, the conversion time becomes smaller. With a second order decimation

filter it is reduced to 2 µs and the effective number of bits is still 7.5 bits, which equals a voltage resolution

of 10 mV. However, this approach is limited as for high voltage boost converters feedback dividers are used,

which scale the resolution. A feedback divider ratio of 1:5 would lead to only 50 mV effective converter

output voltage resolution. Further reducing the decimation filter order lowers the conversion time, but is not

reasonable, as the effective number of bits will drop to 3.75 bits (first order decimation filter) [59].

4.1.3 Delay Line Analog-to-Digital Converter

Delay line ADCs stand out due to their excellent resolution and low latency. The high resolution is offered

with the help of the window concept. The low latency is a result from their time-to-digital architecture.

They provide inherent monotonicity because of their sequential signal propagation [50]. Time-to-digital

converters, like the delay line ADC, mainly rely on digital components, which are subject to miniaturization

due to technology scaling. Consequently, these converter types show great potential for growing future

use [60, 61].

Design

The proposed delay line ADC comprises three low complexity circuits: an operational transconductance

amplifier (OTA), a delay stage, and a conversion stage, Fig. 4.8.

–

+

Start Conversion

OTA

Delay stage Conversion stage

Vfb

Vref

Constant delay

Variable delay

6 bit

Decoder

Constant delay

Constant delay

Thermometer to binary

32x

32x

Fig. 4.8: Block diagram of the delay line ADC.

The input OTA provides a bias current, which is proportional to the difference of the reference Vref and the

output voltage after feedback divider Vfb. The delay stage is composed of one delay block with constant
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delay and another which provides variable delay inversely proportional to the bias current generated by the

OTA. The conversion stage includes two delay blocks with constant delay and state evaluation outputs for

the decoder. The delay blocks are composed of multiple equal current controlled double inverters, Fig. 4.9.

VDD

BIAS

IN

GND

OUT

DEC_OUT

M1

M2

M3 M6

M5

M4

Current source

Inverter

State evaluation

CG

Fig. 4.9: Design of a current controlled double inverter.

In the current controlled double inverter, a step signal applied to the IN-port propagates through the two

inverters. A high-to-low transition at the IN-port will be inverted in the first inverter, whereas the inversion

speed is controlled by the pmos current source (M1 and M4, respectively). A temperature compensated

biasing allows for constant delay times. By variation of the biasing the delay time can be manipulated,

as required in the delay block of the delay stage. In contrast, a low-to-high transition at the inverter input

flips the inverter output without speed control, as there are no nmos current sources. They are not used

for reasons of area minimization. Still, through the pmos current sources the propagation speed can be

controlled.

In the presented design, the delay blocks in the delay stage consist of 144 double inverters each. In the

conversion stage, a delay block includes 32 double inverters. The core of the delay line ADC is a decoder

which first generates a step signal triggering a conversion. Then, it evaluates the inverter states in the

conversion stage and converts the obtained 64 bit thermometer code to 6 bit binary code. The latency and

maximum sample rate of the delay line ADC depend mainly on the number of inverters in the delay blocks.

Operating Principle

An analog-to-digital conversion is started by a step signal StartConversion, see Fig. 4.8. This signal prop-

agates through the delay stage: with constant delay in the lower delay block, and with variable delay in the

upper delay block. The variable delay is inversely proportional to the difference of reference voltage Vref
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and output voltage after feedback divider Vfb. In case that reference and output voltage are equal the delays

in the upper variable delay block and in the lower constant delay block match. Otherwise, the step signals

propagate with different speed. The delay line ADC is able to work with the window concept. This is

achieved, when the set point of the control equals the reference voltage. Thus, the delay block propagation

speed depends on the difference of the set point of the control and the output voltage. After propagating

through the delay stage, the signals reach the conversion stage which is required for the evaluation of the

propagation delays. The faster signal triggers the evaluation of the propagation delays by the decoder. The

decoder obtains a thermometer coded signal from the inverter states in the delay blocks, and converts it to a

binary output signal.

The maximum conversion time of the delay line ADC equals the duration of the step signal propagation in

the constant delay block path. The conversion time can be lower, if the step signal propagates through the

variable delay path with higher speed, but it will never be larger.

Live-Tracking

The presented solution enriches the standard window concept by a live-tracking functionality, which is pro-

posed in this work, Fig. 4.10. This is helpful for applying parameter identification, increasing the effective

output voltage resolution, reducing nonlinearity-effects of the delay line ADC, and minimizing the converter

power consumption and chip area.

The output voltage varies over a wide voltage range when applying parameter identification during converter

startup. As standard window concept ADCs convert the output voltage solely around the set point of the

control, which is zero before operation, they are not suitable. Full-range ADCs get around this problem,

but are expensive. Therefore, the use of a live-tracking window ADC is proposed, which tracks the output

voltage over a wide operation range, maintaining window concept operation.

Live-tracking allows for further shrinking the conversion range of the ADC. Thus, the number of bits can

be spread over a smaller voltage range increasing the output voltage resolution without area or latency

penalty. Alternatively, the chip area and the converter power consumption can be reduced, while keeping

the effective output voltage resolution.

With live-tracking the window is not linked to the set point, permanently. The reference voltage and the set

point of the control may differ, temporarily. When deviations from the set point occur, the output voltage is

instantly tracked by the ADC, Fig. 4.10. Consequently, the window can even be reduced to a range smaller

than the maximum output voltage deviations of the converter. This is useful for applications with unknown

load steps, leading to unpredictable output voltage deviations or if the initial output voltage is unknown and
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Fig. 4.10: Analog-to-digital conversion: (a) standard window concept and (b) window concept with live-
tracking.

needs to be detected. For this functionality and for converter soft-start, a high 1.33 MHz bandwidth R-2R

DAC, which is chosen because of its small implementation area, generates the reference voltage Vref for

the analog-to-digital conversion, compare Fig. 4.8. This DAC has to provide high bandwidth in order to

shift the reference voltage within one conversion period. 95 % of the final reference voltage is reached after

350 ns with a 1.33 MHz DAC when shifting the reference voltage. Thus, the reference voltage is updated

in time before the next conversion in a 2 µs-switching frequency converter. In a basic implementation, it

becomes active once a control deviation of ±16 LSB occurs, Fig. 4.10. The ±16 LSB boundary ensures

stable control as it does not react to minor deviations. The reference voltage Vref is offset by -16 LSB or

+16 LSB, respectively, before the next ADC conversion starts. The controller is notified and compensates

the newly measured control deviation by adjusting the offset at the beginning of the next ADC conversion.

Experimental Results

Figure 4.11 shows the measured transfer behavior of the delay line ADC without live-tracking functionality

activated. The reference voltage of the delay line ADC is VREF = 530mV, constantly. Consequently, the

digital value ’0’ can be found at this voltage. The effective output voltage resolution of 0.5 mV is measured

at the same value, as this value describes the zero-error-bin of the ADC. This high resolution enables the

usage in converters with higher output voltages than prior art, compare Fig. 4.2. The transfer function is

strictly monotonic, which is mandatory in control loops, and nonlinear. The nonlinear transfer behavior is

caused by the inversely proportional correlation of bias current Ibias and the delay TD of the inverters in the

delay block:

TD =CG ·
VDD

Ibias
(4.5)

The delay results from charging the parasitic capacitance CG, composed of the gate capacitances of the
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subsequent inverters, with constant bias current, Fig. 4.9. In order to avoid this nonlinearity, [48] shows a

subthreshold biased ring oscillator structure with linear bias current dependency.
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Fig. 4.11: Measured delay line ADC transfer function with VREF = 530mV (disabled live-tracking).

The digital signal from the ADC can be used directly (without correction) in the digital control loop. In

this case, the open loop gain varies as a function of the output voltage. For small output voltages, the

gain is small. And for high output voltages, the gain is higher. Alternatively, the digital values can be

corrected with the help of a correction formula or a look-up table based correction. With such an approach

the nonlinearity of the transfer behavior is corrected, but the resolution still varies: The resolution is fine at

high input voltages and coarse at low input voltages, which is not a limitation for digitally controlled SMPS.

Figure 4.12 shows the 90 ns conversion time of the delay line ADC. The ADC Start Conversion signal

triggers the analog-to-digital conversion. The ADC ConversionReady signal indicates a finished conversion.

Consequently, the delay in a double inverter is approximately 510 ps. A maximum sample rate of 9.5 MSps

was measured and can be confirmed theoretically by the conversion duration (90 ns) plus reseting duration

(16 ns): Tsample = 1/(90ns+16ns) = 9.43MSps.

Closed loop measurement results can be found in Section 6.

Comparison to Prior Art

Table 4.1 shows a comparison of the presented delay line ADC to prior art. The number of bits, the effective

resolution, and the high dynamic conversion range are superior to the other ADCs and allow for use of the

ADC in high-voltage applications. In these applications resistor feedback dividers are used for sensing the

output voltage. These resistor feedback dividers scale the resolution. The higher the feedback divider ratio,
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Fig. 4.12: Measured delay line ADC latency.

the larger the output voltage quantization step is. Thus, high ADC resolutions are required. With a feedback

divider ratio of 15:1, still, a comfortable effective output voltage resolution of 7.5 mV is achieved in a 15 V

output voltage converter with the presented delay line ADC. This resolution is 20x higher than in the state-

of-the-art. The dynamic conversion range is more than 3x larger than in prior solutions. This is essential for

parameter identification. Both, sample rate and conversion time enable high-bandwidth controls for SMPS.

Tab. 4.1: Comparison of the proposed delay line ADC and prior art.

[50] [62] [52] [54] [51] This Work

Number of Bits 3.1 bit 4 bit 3.1 bit 3.1 bit 3.1 bit 6 bit

Voltage Resolution 53 mV 12.5 mV 20 mV >15 mV 10 mV 0.5 mV

Sample Rate 1 MSps 16 MSps 1.5 MSps 10 MSps 1 MSps 9.5 MSps

Conversion Time 750 ns* 62.5 ns 150 ns <50 ns 420 ns 90 ns

Dyn. Conversion Range 360 mV 200 mV 180 mV** 160 mV** 90 mV 1.2 V

*Extracted from timing diagram. **Extracted from figure.

In conclusion, the presented solution provides superior resolution over a wide dynamic conversion range

and, therefore, enlarges the application range of conventional delay line ADCs to high output voltage, high

bandwidth converters with digital control.
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4.2 Digital Controller

An advantage of a digital controller, also referred to as a compensator, in comparison to an analog con-

troller is that there are no passive devices, hence, no parameter variations, as outlined in the beginning of

Section 4. In analog control, these parameter variations complicate the control design and require a worst-

case approach with safety margins. Further, flexibility is higher in digital control as controller coefficients

can be altered with low effort. This makes it much easier to implement advanced controls or autotuning.

The digital controller calculates the controller command on the basis of the control deviation. It can be

designed either with quasi-continuous design or with direct digital design approaches. Ragazzini compen-

sation controllers or dead beat controllers are developed with the direct digital design approach, where a

controller is designed directly in the digital domain [39, 63]. Alternatively, in the quasi-continuous con-

troller design, an analog controller design forms the basis. Once this analog controller is found with known

analog design methods it is converted into a digital controller using the Laplace-to-Z correspondence:

z = esTs → s =
1
Ts

ln(z) (4.6)

A digital controller, which is converted with this correspondence, behaves similar to the corresponding ana-

log one in the frequency range much smaller than the Nyquist rate fNyquist = 2/Ts = fs/2. The Laplace-to-Z

correspondence is of nonlinear characteristics. Thus, a controller, calculated from the correspondence of

(4.6), is non-linear and its implementation requires excessive computational effort due to complex mathe-

matical operations. Therefore, a linear correspondence is preferred to obtain linear controllers. There are

various linear approaches for the transformation: Euler methods, bilinear transformation, and pole-zero

matching. [64] recommend to use bilinear transformation for Type-II compensation, which is the analog

realization of a PI controller, and pole-zero matching for Type-III compensation, which is the analog real-

ization of a PID controller.

Figure 4.13 shows three digital PID control law implementation with comparable hardware effort, which are

the parallel, the direct, and the cascaded implementation. Any implementation of the control law is subject

to variations of its transfer function due to coefficient quantization. Coefficient quantization arises due to

the limited number of bits used for storing the coefficient. In general, the higher the number of bits used

for the coefficients, the less the variation of the transfer function. A detailed analysis of the variation of the

transfer function depending on the coefficient resolution and implementation form is beyond the scope of

this work. In [65] such an analysis is shown for the aforementioned implementations.

In order to avoid control delays due to controller windup any of the implementation forms has to be imple-

mented with anti wind-up structure, see Section 3.2.2.
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Fig. 4.13: Digital PID controller forms: (a) parallel implementation, (b) direct implementation, and (c)
cascaded implementation.

4.3 Digital-to-Analog Converter

A digital-to-analog conversion is required for processing the controller command in a digitally controlled

SMPS. Either it is directly converted into a PWM signal or first converted into an analog voltage and then

converted into a PWM signal in a second step. High resolution of the DAC is necessary for accurate output

voltage regulation and for avoiding limit cycle oscillations. Low conversion times are essential for stable

control. Monotonicity is required for oscillation-free output voltage behavior in digital control for SMPS.

This work shows that a hybrid DPWM architecture is an appropriate solution for VMC converters. Alter-

natively, two architectures for digital-to-analog conversion are considered. A R-2R DAC qualifies for use

in digital control loops due to its low implementation effort and repeated basic elements. It is derived in

this work, which resolution is achievable without loosing guaranteed monotonicity. A charge pump DAC

design is proposed in this work that provides very high resolution.

4.3.1 Converter Architectures

One option for the digital-to-analog conversion is the direct conversion into a PWM signal, called digital

pulse-width modulation. Standard topologies for conversion of a digital value into an analog voltage are
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the resistor string architecture with its low conversion time but high area effort (2N resistors) for N-bit

resolution, the binary weighted resistor architecture which tends to be non-monotonic with high resolution,

and the current steering architecture with its high current source matching requirement.

All architectures allow for further improvement of the resolution by dithering [34,45, 47, 64, 66] and Delta-

Sigma approaches [54, 67, 68].

4.3.2 Digital Pulse-Width Modulation

The digital pulse-width modulation signal generation reduces the number of analog circuit components, as

the DPWM signal is built in the digital domain, directly. Most often, DPWM is used together with VMC as

there is no need for a digital representation of the inductor current in this control method. Contrarily, in CMC

the use of a DPWM is less likely, because a low latency, high-bandwidth inductor current analog-to-digital

conversion would be required in order to convert the fast-changing inductor current waveform. Predictive

digital current mode control is proposed, bypassing the demanding requirements for the analog-to-digital

conversion of the inductor current [69].

A simple solution for digital PWM signal generation is a counter based architecture. A PWM signal is gen-

erated by comparing the controller command to a counter value. This requires a high frequent digital clock,

e.g. for a 10-bit resolution DPWM in a 500 kHz-converter the time resolution has to be 2µs/210 = 2ns.

Therefore, a digital clock with fclk = 1/2ns = 500MHz is necessary. Since such a high-frequency digital

clock is most often not available or too power hungry, other solutions were presented. [70] reviews various

architectures. Often, the proposed solutions are based on delay lines [46,71–73]. Hybrid architectures com-

bining a counter with a delay line are proposed, demonstrating a good trade-off between clock frequency

and required layout area for integration of the delay line [50, 74–76].

Design

Figure 4.14 shows a hybrid DPWM generation concept with 12-bit resolution. The hybrid DPWM gener-

ation concept is composed of a counter based part for the most significant bits (MSBs) and a delay locked

loop (DLL) based part for the least significant bits (LSBs).

In the counter based part a counter is increased with each positive edge transition of a reference clock

Re f _Clk. The counter value is compared to the MSBs of the DPWM input DPWM_In < 11 : 7 >. This

part of the DPWM determines the coarse resolution of the DPWM signal, Fig. 4.15. The fine resolution is

determined with the help of a DLL. The DLL works with the Re f _Clk as reference frequency. A MUX
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Fig. 4.14: DPWM architecture.
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DPWM_In < 6 : 0 >.

Time

P
W
M

DPWM_In<11:7> DPWM_In<6:0>

Fig. 4.15: DPWM signal generation.

Experimental Results

The presented DPWM provides 12 bit resolution and zero latency as the latest controller command is im-

mediately used for the generation of the DPWM signal. Monotonicity is of further importance in a digital

control loop. If the DNL is greater than -1 LSB for all digital value transitions, the DPWM is strictly

monotonic, see also Section 3.2.

Measurement results for the presented solution confirm the strictly monotonic behavior, Fig. 4.16. The

measured transfer characteristics shows an offset error of around 3 %, which results from the digital part

of the DPWM design. Here, one clock cycle of the reference clock must be waited for, before the DPWM

signal can first go low. This is of minor interest, as in the control loop, any offset error of the DPWM will

be counteracted by the controller and therefore has no effect. Due to the offset, the minimum duty cycle is

3.1 %, which equals 62 ns. Anyway, a blanking time for avoiding non-intended turn-offs due to switching

disturbances applies in SMPS in this time frame. During this blanking time, the switch must generally not

be turned off.

Further, there are single DNL values, that are much higher than most of the others. These values occur at
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Fig. 4.16: Measured DPWM transfer characteristics.

the LSB transitions of the counter based part (not the overall LSBs). The signal propagating through the

DLL has to pass some additional logic gates at the end of the DLL, before starting again at the beginning of

the DLL. The propagation delay of these logic gates is visible as enlarged DNL values. In a future design,

the logic gates can be bypassed and, therefore, this effect can be eliminated.

Figure 4.17 shows the closed-loop load step response of a 50 kHz-bandwidth digitally controlled buck con-

verter. It converts 14 V to 6 V and comprises the presented DPWM. The results are obtained from mea-
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Fig. 4.17: Closed-loop load step response of a buck converter with DPWM.
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surements with the experimental setup shown in Fig. 5.23. The closed-loop measurement confirms that the

DPWM is well suitable for high-bandwidth SMPS with voltage mode control.

4.3.3 R-2R Digital-to-Analog Converter

R-2R DACs provide high resolution with small area effort in integrated solutions. The working principle

relies on resistor ratios, which is in particular beneficial in integrated solutions. Integrated resistors face

large parameter variations due to production tolerances. But, on one chip the resistance variation is sim-

ilar. Consequently, ratio based designs compensate for the variations. Although, the R-2R DAC comes

along with the drawback of DC current consumption, it is widely applied for reasons of high linearity and

monotonicity. Furthermore, the conversion rate is very high, and the conversion time very low, respectively.

Figure 4.18(a) shows an N-bit R-2R DAC with a sample-and-hold stage, which is used in order to avoid

transient disturbances resulting from parasitic capacitances and short switching delays. If Z is the N-bit

digital input, the output voltage Vout equals:

Vout =
Z
2N ·Vref (4.7)

For each bit of the digital input Z one resistor branch is available. The branches are either connected to

ground or to a reference voltage Vref depending on the digital input Z. Every branch connected to Vref

increases the output voltage Vout. With voltage superposition, the resulting output voltage can be calculated.
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Fig. 4.18: R-2R DAC (a) architecture and (b) equivalent circuit diagram for Z = 100..00 with random re-
sistor mismatch (for reasons of clarity without sample-and-hold).
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Monotonicity

Even though theoretically an endless number of resistor branches can be added to the R-2R DAC for en-

hancing the resolution, this is not feasible. The maximum resolution with guaranteed monotonicity depends

on the resistance variation from one to another resistor on the same chip, called random resistor mismatch.

Although the resistors on the same chip are identical in first order, local parameter variations, e.g. through

variation of the doping when fabricating an integrated circuit, lead to the random resistor mismatch.

The most critical transition regarding the monotonicity is the transition from all logical ones except for

the MSB to all logical zeros except for the MSB ("011..11" → "100..00"). With random mismatch it can

happen that only resistors with high resistance (R+∆R) dominate before transition, while after transition

only resistors with small resistance (R−∆R) dominate. The equivalent circuit diagram after transition is

shown in Fig. 4.18(b). The resistor branch, drawn in gray, is obtained from aggregating the resistor branches

connected to ground (the LSB branches). The output voltage after transition (corresponding to "100..00")

calculates to:

Vout,100..00 =
2(R−∆R)

2(R+∆R)+2(R−∆R)
·Vref =

R
2R
·Vref−

∆R
2R
·Vref︸ ︷︷ ︸

∆Vout,100..00

(4.8)

In this equation, R/2R ·Vref is the ideal set value and ∆R/2R ·Vref is the the deviation ∆Vout,100..00 from the

nominal value due to random mismatch.

In a similar way, it can be shown, that the voltage before transition (corresponding to "011..11") is higher by

∆Vout,00..001 = ∆R/R ·Vref ·Z/2N compared to the nominal voltage. For high resolutions, ∆R/R ·Vref ·Z/2N

can be approximated by ∆R/2R ·Vref.

For guaranteed monotonicity the voltage after transition must be higher than before transition. Conse-

quently, the voltage of the "100..00"-value must be higher than the voltage of the "011..11"-value. This is re-

lated to the definition of the DNL, which is DNL = (VZ+1−VZ)/VLSB−1, in particular

DNL = (Vout,100..00−Vout,00..001)/VLSB−1. Further, the condition for guaranteed monotonicity, which is

DNL > −1 (Section 3.2), is taken into account. Thus, when ∆Vout,00..001 +∆Vout,100..00 < VLSB is fulfilled,

the voltage of the "100..00"-value is higher than the voltage of the "011..11"-value:

∆R
2R
·Vref +

∆R
R
·Vref ·

Z
2N ∼ 2 · ∆R

2R
·Vref =

∆R
R
·Vref <VLSB (4.9)

With VLSB =Vref/2N:
∆R
R

<
1

2N (4.10)
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Equation (4.10) relates the random mismatch factor ∆R/R of the technology to the maximum resolution N

of the R-2R DAC. According to (4.10) a 9-bit resolution R-2R DAC can not be fabricated with guaranteed

monotonicity in a technology with a higher random resistor mismatch than 0.2 %. Table 4.2 shows the

requirement for the random mismatch factor ∆R/R for different resolutions N. The random mismatch factor

means that the resistor’s value can vary from R−∆R/R to R+∆R/R.

Tab. 4.2: Maximum random resistor mismatch requirement of the technology used for different resolu-
tions N.

N 8 9 10 11 12 13 14

∆R/R 0.39 % 0.20 % 0.10 % 0.05 % 0.02 % 0.01 % 0.005 %

The presented R-2R DAC is designed with 10-bit resolution. The random mismatch factor of the technology

used and the dimensions of the resistors used lead to ∆R/R = 0.18%. Consequently, monotonicity is guar-

anteed up to 9.2-bits resolution. This value refers to the standard deviation (1 σ ). Consequently, the actual

random resistor mismatch may also be lower. Such a design is critical without experimental validation of

the monotonicity. The experimental verification of the DAC, used in this work, confirms monotonic transfer

behavior, see the experimental verification of this section.

Resolution and monotonicity of the DAC can be improved with segmented designs at the expense of chip

area and power consumption [77]. The idea of segmented DAC designs (hybrid DAC) is to conduct the

digital-to-analog conversion with two sole DACs, one of them is responsible for the MSBs, the other one is

responsible for the LSBs. After each of them finished its conversion, their outputs are combined in order to

have one common output voltage.

Conversion Time and Rate

The conversion rate of the R-2R DAC is mainly dependent on the sample and hold (Fig. 4.18).

The settling of the output voltage is dominated by the resistors of the R-2R DAC and the capacitor of the

sample and hold. In this design, the settling is considered to be finished once an error of less than 0.5 LSB is

achieved. The output voltage Vout as a function of the time for a voltage step applied to such an RC element

is described by:

Vout(t) =Vout,end · (1− e−
t

RC ) (4.11)
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When applying a full-range voltage step, which requires the longest conversion time, the target voltage is

Vout,end =VRef. An error of less than 0.5 LSB is achieved with an output voltage of Vout =VRef−0.5 ·VLSB =

VRef− 0.5 ·VRef/2N . Consequently, the settling time tsettling and the conversion rate fmax of the R-2R DAC

in general can be calculated based on (4.11):

tsettling = R ·C · ln(2N+1)→ fmax =
1

tsettling
=

1
R ·C · ln(2N+1)

(4.12)

For modeling the behavior and for determining the stability in the control loop a PT1 transfer behavior

with a corner frequency of f1 = 1/(2π ·R ·C) can be assumed. The design of this work uses resistors with

R = 10kΩ and C = 12pF. This results in a corner frequency of f1 = 1.33MHz.

Experimental Verification

Figure 4.19 shows the measured transfer characteristics of the 10-bit DAC.
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Fig. 4.19: Measured R-2R transfer characteristics.

The measured transfer characteristics indicates that the DAC is strictly monotonic, since the DNL is larger

than -1 for all signal transitions. The corner frequency of the DAC is f1 = 1.33MHz. The phase degrades

in a PT1 transfer block starting from one tenth of its corner frequency. This allows a usage of the DAC in

converters with a crossover frequency of up to 133 kHz without lag of phase.

The measurement results in Section 6 confirm proper closed-loop operation.
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4.3.4 High-Resolution Charge Pump Digital-to-Analog Converter

A high-resolution, wide-range DAC can be built with the charge pump architecture [78]. In order to achieve

excellent dynamic behavior, advanced SMPS controls require the DAC to deliver large output voltage

changes within one conversion cycle, see Section 6. The proposed DAC supports this with the help of

an extra wide differential conversion range, as will be described below. It guarantees monotonicity, along

with low steady-state current consumption.
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U4
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Fig. 4.20: Charge pump DAC (a) working principle and (b) implementation.

The working principle and the implementation of the charge pump DAC is shown in Fig. 4.20. The output

capacitor C is charged or discharged in order to provide an output voltage Vc. While dis-/charging, the

output voltage changes by ∆VC = ∆Q/C = (Ii ·∆t)/C. The longer the charging interval ∆t, and the higher

the charging current Ii, the higher the voltage change ∆VC. The implementation has four differently scaled

current sources (1 µA, 3 µA, 12 µA, and 48 µA) for small and large changes of the output voltage. The output

voltage can be increased and decreased, respectively. In each conversion cycle, these current sources are

activated during a certain time interval ∆t. This time interval can be chosen in 0.5 ns-steps and can be as

long as 128 ns. When activating all current sources at the same time, the maximum time interval can be

512 ns for providing extra large voltage changes. A digital control logic chooses the current source Ii and

the ∆t according to the DAC input signal Z.

The charge pump DAC works with a differential input command, which controls the output voltage change.

This is appropriate in a control loop. In a conventional controller, first the output change and, in a second

step, the absolute controller output value is calculated. Therefore, the second calculation step is omitted

for the charge pump DAC, as the absolute controller output value equals the capacitor voltage Vc. Thus,

controller calculation effort is reduced.
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Design

The charge pump design, which is shown in full detail in Fig. 4.22, is composed of the following blocks:

• A capacitor C, serving as charge storage, generating the output voltage Vc

• Current sources in four different sizes

• Switches, that are turned-on in order to dis-/charge the output capacitor, controlled by D1−D4 and

U1−U4

• A pulse generation block, which generates turn-on pulses of varying length for the control of the

switches

• A logic block, which chooses the current sources and determines the length of the turn-on pulses

In the charge pump DAC design, two different switch topologies are used, which are designed with regard

to high resolution and low leakage. Figure 4.21 shows the charge pump output capacitor voltage when

demanding a small voltage change by activating an Ii = 1µA current source for the period of ∆t = 1ns.

The output voltage is shown for the simple switch architecture and for the dedicated differential switch

architecture. With the simple switch architecture significant charge injection into the output capacitor oc-

curs. It leads to a total output voltage change of −220 µV. In contrast, the differential switch causes only

−60 µV total output voltage change. The discharging of the current source dominates the output voltage

change. With the differential switch the current sources are continuously kept in their operating point by

drawing the current with a dummy load (M16, M26, M36, M46). Once the switch is turned on, the current

is redirected to the output capacitor with reduced charge injection.
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Fig. 4.21: Simulated charge injection at the charge pump DAC output voltage for a simple switch architec-
ture and for a dedicated differential switch architecture.

Page 54 of 190



4 Design of Digital Control Loop Blocks
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Fig. 4.22: Charge pump DAC design.

The differential switch architecture (M11–M16; M21–M26; M31–M36; M41–M46 in Fig. 4.22) in the

charge pump design is inserted for the low current sources. It enables very small voltage changes of the

output voltage Vc and therefore, supports high resolution charge pump digital-to-analog conversion. For the

higher current sources, the simple switches (M61–M63; M71–M73; M71–M73; M71–M73 in Fig. 4.22) are

implemented in order to minimize the steady-state current consumption. The charge injection effect on the
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output voltage change is relatively low, as the voltage change due to the dis-/charging of the large current

sources is high.

For low leakage currents, the channel length of the FETs, directly connected to the capacitor, are chosen

well above the minimum length of the technology in order to minimize channel leakage. Further, when

turned-off, their source potential is connected to a bias voltage Vbias,U = 3.4V / Vbias,D = 1.0V . Thus, the

drain-source voltage is kept low, which further reduces leakage currents and charge injection.

Experimental Results

From Fig. 4.12 (Section 4.1) the maximum conversion time of the charge pump DAC is known to be 128 ns.

If a large voltage swing is required within one conversion cycle of the DAC, an extra long conversion with

up to 512 ns is possible, exceptionally. For stability considerations the standard conversion time has to be

considered, as the long conversion time is only necessary in a single conversion cycle, whereas the following

conversion cycles work with short conversion time again.

The output capacitor node of the charge pump DAC is sensitive and non-accessible off-chip. Therefore,

the resolution of the charge pump DAC is measured indirectly after a following buffer block. Figure 4.23

shows a burst measurement with a sequence of 1000 conversions.This burst measurement is necessary in
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Fig. 4.23: Charge pump DAC resolution measurement: 1000 conversions in a row in order to obtain a well-
measurable signal.
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order to obtain a well measurable signal amplitude. A new DAC conversion is started every 2 µs. With each

conversion the smallest voltage change is applied. The voltage change after 1000 conversions is 53.8 mV,

which indicates that the smallest applicable voltage change is 53.8 µV. Therefore, limit cycle oscillations

are prevented in a control loop. SMPS with large output voltages, which operate with the fine resolution

of the delay line ADC of Section 4.1, are covered. The maximum voltage change was measured to be

1.6 V. A conventional full-range DAC, achieving the same performance, would require a resolution of

15-bit (1.6V/53.8µV = 29739 = 214.8).

The output capacitor of the charge pump DAC may face leakage currents, therefore the presented archi-

tecture is designed with regard to low leakage currents. Figure 4.24 shows a measurement of the leakage

current based voltage drift. It indicates 228 mV output voltage change in 6 seconds. Hence, the output

voltage drift is only 76 nV per 2 µs-switching period. This is a very low value, since in an exemplary con-

verter with a plant DC gain of 10 and with an ADC output voltage resolution of 2.56 mV, a change by

1 LSB of the output voltage ADC is first observed after 2.56mV/(76nV ·10) = 3368 switching periods.

The 1 LSB-deviation is counteracted by the controller, subsequently.
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Fig. 4.24: Charge pump DAC leakage current based voltage drift measurement.

Stable closed-loop performance of a boost converter with a digital control loop, composed of the charge

pump DAC and of the live-tracking delay line ADC (Section 4.1), is shown in Fig. 4.25. The experimental

setup is shown in Chapter 5 in Fig. 5.23. Although the ADC output voltage resolution is as low as 2.54 mV,

the charge pump DAC enables to operate this boost converter without limit cycle oscillations due to its

excellent resolution.
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Fig. 4.25: Closed-loop operation of a boost converter with charge pump DAC and delay line ADC.

Comparison to Prior Art

The charge pump DAC of this work offers the highest resolution (15-bit) among the DACs listed in Ta-

ble 4.3. It improves the leakage by a factor of 4000 compared to the charge pump design of [78]. Also, the

maximum conversion rate of 7.8 MHz is higher compared to other solutions and supports digital controls in

converters with high switching frequencies. It guarantees monotonicity, along with low steady-state current

consumption (20 µA). The conversion time is as low as 128 ns, which enables high-bandwidth digital con-

trol. The charge pump DAC qualifies for use in automotive applications with high output voltages due to its

high resolution of 53.8 µV/LSB, which is necessary for accurate output voltage regulation and for avoiding

limit cycle oscillations.

Tab. 4.3: Comparison of the proposed charge pump DAC with prior art.

[79] [78]* This Work

Equivalent Resolution 10 bit 10 bit 15 bit

Voltage Resolution 3.2 mV** 2.11 mV 0.054 mV

Maximum Conversion Rate 1 MHz n.r. 7.8 MHz

Conversion Time 8 µs n.r. 128 ns

Leakage n.a. -300 µV/2 µs 0.076 µV/2 µs

*First presented in [80]. **Estimated from figure.
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4.4 Comparison to Analog Control

This section compares the digital controls, built with the control loop blocks presented in Section 4.1 and

4.3, to analog controls. The comparison is based on SMPS examples, extracted from existing automotive

products.

The dynamic and static performance, achieved in a closed-loop system, with standard digital control is

equal to analog control. When applying advanced controls, the closed loop performance is improved in

terms of small voltages deviations and fast regulation in case of disturbances. Advanced controls can be

realized in a digital solution with low effort by varying the controller coefficients, as described in [50] and

in Section 6. Also, in analog control it is possible to apply more advanced control concepts, but only at the

expense of significant chip area [81–87]. Digital testing is less expensive than testing of complex analog

circuits. Although, the digital control loop comprises analog elements, e.g. within the ADC and the DAC,

test cost is considered to be lower in digital control than in analog control [88].

The following comparison focuses on chip area of integrated solutions. Since chip area is costly, any

overhead required for the implementation of digital control in comparison to analog controls is not desirable.

The comparison considers a digital controller including the fast transient control presented in Section 6.2.

In the analog solution, only a standard controller without fast transients is regarded.

Figure 4.26 shows the photograph of the IC, which was developed and fabricated in a 180 nm-technology

as part of this work. The IC is intended to be used with different converter topologies and control concepts.

Therefore, the Delta-Sigma ADC, the delay line ADC, the DPWM, the R-2R DAC, and the charge pump

DAC are implemented in the test chip. Also, other blocks necessary for implementing the converter are

available, such as the low-side FET, the current sensing, the ramp compensation, the gate driver, and the

PWM generation. Block sizes are marked and given in the drawing.

Figure 4.27 shows a comparison, that considers the parts of the converters, that are different in analog

and digital control. For the realization of an analog control, an OTA is required together with capacitors

and resistors as compensation devices. Thus, in the digital control the blocks equivalent to the OTA and

compensation devices are taken into account. Three different SMPS examples are compared: (1) a standard

buck converter of an automotive power IC, (2) a boost converter of the same IC (Boost 2), as well as (3) a

boost converter of an airbag application IC (Boost 1). The chip areas of the SMPS with analog controls are

extracted from existing automotive products.

The chip areas required for integration of the controls for the buck converter are similar in analog and digital.

The analog controller has small compensation device values due to a high control bandwidth and, therefore,

consumes only small area. The boost converter of the airbag application (Boost 1) has relatively small

Page 59 of 190



4 Design of Digital Control Loop Blocks

2367mm

23
67
m
m

Analog controller:
03258mm²

Lowhside FET M /
current sensing:

03270mm²

Ramp compensation /
gate driver /

PWM generation:
03141mm²

DPWM: 03084mm²

Delay line ADC:
03180mm²

DeltahSigma ADC:
03074mm²

Rh2R DAC: 03019mm²

Charge pump DAC:
03035mm²

Fig. 4.26: Test chip photograph with control loop blocks.

compensation devices, as well. Consequently, full-integration of the analog control is possible. However,

the digital control can be fully-integrated with 2.5 times smaller chip area. The boost converter of the

automotive power IC (Boost 2) has large compensation device values, which prevent an integration of the

resistor and capacitors, as they would consume a large chip area. Consequently, they are applied off-chip as

discrete components. In contrast, the integration area of the digital controller is not affected by the values

of the coefficients in the control law. Therefore, digital controllers can be integrated, unconditionally.

For comparison of the total chip area of the converters, also the remaining integrated blocks, i.e. low side

FET, current sensing, PWM generation, gate driver and ramp compensation, must be taken into account.

These blocks add up to another 0.411 mm2 chip area. Consequently, the boost converter of the airbag

implementation (Boost 1) can be integrated on a total chip area of 0.797 mm2 with analog control and on
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0.564 mm2 with digital control, respectively. Still, discrete components are necessary for realization of the

entire converter, i.e. the diode, inductor, and capacitor, see Fig. 3.4.

When the compensation devices are mounted off-chip in analog solutions, an additional pin is required for

their connection, see Section 3.2. This pin is very sensitive and EMC requirements, such as DPI, may not be

met. Further, automotive safety rules require for loss / short-circuit detection of the external devices. Digital

control solutions can always be fully-integrated no matter of the application. Consequently, the drawbacks

of the discrete compensation devices of analog controls are avoided.
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5 Parameter Identification

Parameters in SMPS vary for multiple reasons. For example, the loads may turn on unpredictably, the in-

put voltage changes, and the inductor and the capacitor underlie variations due to production tolerances,

temperature dependencies, and degradation, among others. Parameter variations change the behavior of the

SMPS fundamentally. If parameters are known from a parameter identification, controller design is sim-

plified and new features like diagnostics and autotuning are enabled. Parameter identification is beneficial

for plug and play solutions, which allow to choose practically any inductor or capacitor for the SMPS, that

meets the application, cost and quality requirements. Thus, the customer’s flexibility is enlarged. Further,

control loop design skills are not required in the application, anymore.

In this section, the advantages and requirements of parameter identification are discussed. Then, prior art is

examined with regard to accurate and fast identification and other requirements. Identification concepts for

load, inductor, and capacitor are proposed and, finally, compared to prior art.

5.1 Motivation

Parameter Variation of Standard Components

In modern cost-driven applications passive components with the lowest price are preferably used. Most

often the cheapest components underly the greatest parameter variations. Figure 5.1 confirms this on the

example of a 10 µF multilayer ceramic capacitor (MLCC) from Kemet. In case of this capacitor, which

can be implemented as a standard output filter capacitor, the price for a ±20%-production tolerance version

is 28% lower than for the ±5%-tolerance version. Consequently, the price difference of capacitors with

different tolerances may be significant.

Besides, the availability of different inductor and capacitor models from different suppliers is important

for reliable manufacturing. Figure 5.2 shows the available inductor and capacitor models for different

production tolerances from a large distributor of passive electronic components. There is a much larger

supply of capacitors available with ±20%- and ±10%-tolerance. In contrast, there is only a limited choice
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Fig. 5.1: Capacitor prices of a distributor of electronic components for various production tolerances [89].

of inductors, which have production tolerances smaller than ±20%. Only few inductors and capacitors are

available with production tolerances smaller than ±10%.

Passive components underly not only production tolerances, but show also temperature effects, and aging.

Figure 5.3 shows the actual capacitance of a standard 10 µF MLCC, exemplary. The production tolerance

of the presented device is ±20%. An additional ±15% capacitance temperature variation has to be added

to the production tolerance (temperature range: -55◦C...125◦C). Aging results in -3 % capacitance loss per

decade hour of use. Consequently, the value of an off-the-shelf 10 µF-capacitor may vary between 6 µF

and 14 µF. This variation is to a great extent unpredictable. Figure 5.3 does not even take into account the

variations resulting from voltage and frequency dependencies, as covered in Section 5.4. Thus, the overall

variation may exceed +40 % / -65 %.

The effect of temperature variations will even increase in future automotive and consumer products as the

operating temperature ranges will get larger due to smaller size packaging and higher power dissipation at

the same time.

1500

3000

0

±10% ±20%±0% ±5%
Production tolerance of the components

A
va
ila
bl
e
m
od
el
s

25
9

59

87
5

23
35 26
24

19
59Inductors

Capacitors

Fig. 5.2: Number of models with different inductance and capacitance tolerances available at a large dis-
tributor of electronic components [90].

Page 64 of 190



5 Parameter Identification

10µF

12µF

8µF

6µF

14µF

4µF
Nominal

Production
Tolerances

Temperature
Variations

10-hour
Use

10,000-hour
Use

+20M

-20M

-15M

+15M

-3M -11M

KEMET 1206
25V 10µF
X7R

-3M
-11M

C
ap
ac
ita
n
ce ±40M

total

Fig. 5.3: Parameter variations of a standard 10 µF-capacitor [89].

In conclusion, available models, prices, and the variety of effects, causing parameter variations, require to

deal with unpredictable inductor and capacitor values. This is increasingly challenging for SMPS design.

Impact on the Transfer Function

The result of parameter variation in SMPS is a change of the behavior, which becomes visible in the control-

to-output transfer function. Figure 5.4 shows transfer functions of a current mode controlled boost converter

with a ±50%-variation of the nominal inductance and capacitance values. This variation is chosen accord-

ing to the investigations shown in the previous subsection. The boost converter parameters are given in

Table 3.1. In the bode plot of Fig. 5.4 also the operating range for parameters, such as Vin = 3V...5V, and

Iload = 75mA...1A are considered.

In worst case, this variation results in crossover frequencies from 1.7 kHz to 8.7 kHz, and phase margins

from 27 ◦ to 98 ◦, respectively. Thus, the control speed as well as stability and damping vary, significantly.

The output voltage deviations in case of a load transient differ by a factor of five for the same load steps

due to the crossover frequency variation. In order to fulfill a given maximum output voltage deviation

specification with any parameter variation, the output capacitor value needs to be chosen five times higher

than without parameter variations. The higher the capacitance needs to be, the higher the price of the

capacitor gets, see Fig. 6.1. Thus, this increases the cost, drastically. Control slow down or instability is

avoided at the cost of either transient performance or additional hardware.

More complex converter topologies, as single ended primary inductance converters (SEPIC), Zeta, or mul-

tiphase converters, are composed of more passive components than standard converter topologies. Con-

sequently, the parameter variations of all passives add up and the overall parameter variation becomes

extremely large in these converter types. Hence, they are designed for worst-case, requiring high margins.
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Consequently, they would benefit even more from parameter identification, since it allows to relax the design

specifications.

Advantages Resulting from Identification

With system identification, executed continuously or at regular intervals, an accurate knowledge of the sys-

tem parameters is available at all times. Thus, worst-case design can be avoided and instead, the controller

parameters can be automatically set to optimal values. Consequently, the control loop can operate with

optimum performance at all times. This results, in particular, in minimum output voltage deviations from

the set point in case of load or input voltage transients.

System identification makes plug and play systems feasible. In this scenario, any inductor and any output

capacitor are chosen for the SMPS, which fit to the target application and meet the cost and quality re-

quirements. The SMPS identifies itself by means of system identification and sets its controller parameters

accordingly at the beginning and during SMPS operation (autotuning). The components can be selected

with respect to the recent price and availability. As an additional advantage, the user of the SMPS is not re-

sponsible for the control loop design. Thus, there is no need for control loop design skills in the application,

anymore. The application of SMPS is simplified.

When identifying individual converter parameters, the identification can serve as a safety feature, because
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it enables to evaluate, whether safe converter operation is possible or not. For instance, it can be monitored,

if the output capacitor does still have the minimum capacitance required.

Both entire system and single parameter identification lead to cost savings. On the one hand, additional

hardware, such as redundant output capacitors applied for safety reasons, becomes obsolete. On the other

hand, maintenance cost is reduced and predictive maintenance is enabled. Any failure is found within

shorter time. This improves the reliability. It also reduces cost, in particular, because parameter identifi-

cation results directly indicate, which component of the system failed. With predictive maintenance, the

SMPS can indicate imminent failure and corrective actions can be taken before failure (health monitoring).

A further advantage is that the inductor and capacitor value can be provided to the implemented control

concepts [18, 91, 92]. This is beneficial as the control success of these advanced concepts strongly relies

on the accurate knowledge of these values. Besides, parameter identification results enable the detection of

mode transitions from continuous conduction mode (CCM) to discontinuous conduction mode (DCM) and,

thus, minimize transition effects and bypass stability issues [93].

The identification of the load or the input voltage, which have significant influence on the RHPZ and on the

maximum control bandwidth in a boost converter, can be used for controller adaption. Thus, output voltage

disturbances can be regulated fast (Section 6.2), the power efficiency of the converter can be maximized [94],

and adaptive voltage positioning can be applied, see [30] and Section 2.2.

Requirements for Identification Concepts

Identification is required within short time, with low hardware effort, with small perturbation level, and with

high identification accuracy.

The identification process can be performed during startup of the converter or during ongoing operation.

In many applications, e.g. automotive, the converter has typically around one millisecond to ramp up its

output voltage to the operating point. Consequently, the identification should be performed within that time.

A suitable approach could be 500 µs for identification, so the converter has another 500 µs for the output

voltage ramp-up, which is shown in detail in Fig. 5.6 (Section 5.3.1). If the identification process takes

place during ongoing operation, its duration should be as short as possible, because usually perturbation of

the steady state is required to identify the converter parameters. In addition to that, unpredictable load steps

within long identification periods disturb the identification.

For cost reasons, hardware effort for identification is aimed to be kept small. Consequently, it is best to

use already available hardware and control possibilities. In particular, the output voltage and the inductor

current of a converter can be controlled in a wide range before operation / during startup.
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The inductor current can be manipulated randomly up to its overcurrent limit. Also the output voltage

can be disturbed, but should keep distance to the nominal output voltage in order to avoid that supplied

loads start operating. Typically, for operation there is an output voltage margin specified for the SMPS.

For example, the output voltage has to stay within this output voltage margin under all circumstances in

operation. Consequently, when applying identification, the voltage margin available for regulating load

steps shrinks, Fig 5.5. Thus, the converter needs to operate with the lowest disturbance possible caused by

the identification during operation.

V out

t
(a) (b)

V out

t

Specified Vout-margin Specified Vout-margin

Identification
voltage range

Fig. 5.5: Output voltage behavior (a) without identification and (b) with identification.

The higher the identification accuracy is, the more precise the controller configuration can be matched to

the converter in plug and play solutions or autotuning, and the more accurate any health monitoring can be

applied.

The requirements, i.e. short identification duration, low hardware effort, small output voltage disturbances,

and high identification accuracy, are often not considered in prior art. This is explored in the following

section.

Page 68 of 190



5 Parameter Identification

5.2 Review of Prior Art

There are multiple common system identification concepts for digitally controlled SMPS: Load identifi-

cation based on analog sensing circuitry [95–103], system identification by cross-correlation [104–111],

oscillation-based autotuning [13, 108, 112–116], or adaptive tuning of the phase margin and the crossover

frequency [14, 15, 117, 118]. These system identification concepts are described and discussed in the fol-

lowing section.

Parameter Identification Based on Analog Sensing Circuitry

There are various approaches for a load current measurement based on analog sensing circuitry. A com-

monly used and simple solution for determining the load are shunt resistor or hall measurements. Also,

current transformers are applied, but they do not provide the dc information [119, 120]. Thus, an accurate

load current measurement is possible, but losses are notably increased or dc information is missing at the

same time. Further, [121] proposes several other current sensing techniques, which rely on additional hard-

ware. Current sensing techniques for the inductor current are proposed, which is not directly useful for load

identification, since the inductor current is not equal to the load current [122].

In [95, 96] a lossless load current sensing circuitry is presented. This approach aims to identify relevant

SMPS system parameters, such as the inductance and the latest load current. They can be used to select

predefined controller coefficients, minimizing the closed-loop response variation due to the load-current

deviation.

In that concept the equivalent series resistance of the inductor RL is utilized for lossless load current deter-

mination by an average current sensing technique. Some additional analog circuitry is necessary to built a

current sensing network, which in turn feds voltage controlled oscillators. After delta-sigma signal process-

ing and decimation filtering, the inductance and the load current are calculated. A built-in self test (BIST)

functionality improves the load identification accuracy by characterizing the widely varying equivalent se-

ries resistance of the inductor RL during startup.

The inductance can be identified with a maximum identification error of 6 % and the load current can

be identified with a maximum sensing error of 3 % [95, 96]. Additional analog circuitry is required for

identification.
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System Identification by Cross-Correlation

The discrete-time impulse response of a observed system can be identified by stimulating the system with

white noise and cross-correlating the output and the input signal. In [104–111,123] identification approaches

based on cross-correlation with the goal to identify the frequency response of the system are presented.

The duty cycle of the converter in open loop is perturbed with a pseudo-random binary sequence (PRBS),

which is a good approximation of white noise as shown in [107]. The output voltage of the converter is

recorded and cross-correlated with the PRBS input signal. After performing a discrete fourier transfor-

mation of the cross-correlation result, the converter transfer function is obtained. From this the crossover

frequency fc and the phase margin ϕM are calculated, indicating the performance and stability of the closed-

loop control system. If necessary, the controller parameters can be tuned in order to improve performance

and stability.

In [107] the perturbation causes an additional output voltage ripple of ±0.6V, which equals ±4% of the

nominal output voltage. The identification duration is around 123 ms. The data processing algorithm is

implemented offline in Matlab Simulink. In [109] an integrated identification of the frequency response is

shown with a huge number of 28,100 gates, 9.0 kB random-access memory (RAM) and 1.5 kB read-only

memory (ROM). No information about the identification accuracy is given.

Autotuning by Oscillation Analysis

In [13, 108, 112–116, 124] autotuning is performed based on injecting and analyzing an output voltage

oscillation. The main idea is to generate an oscillation and then measure its amplitude and / or its frequency,

which contains information about the system.

The concept of [114] utilizes the relay feedback method. The autotuning process is performed during

converter soft-start and divided into three phases. In phase A an oscillation at the LC resonance frequency

ωo is introduced and the first controller parameter is set accordingly. In phase B a phase margin tuning

algorithm is performed by iteratively adjusting the second controller parameter. In the final phase C the

gain of the controller is set in order to obtain the desired bandwidth.

The autotuning process is performed during soft-start and thus the peak-to-peak perturbation voltage of

around 100 mV does not cause any harm. The autotuning procedure has a long duration of about 8 ms. An

acceleration of the identification is not possible, since it is physically limited by the LC resonance frequency.

It is not stated how many logic gates are needed to implement this autotuning concept. In [13] a similar

approach is presented and implemented with 18,000 gates.
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Adaptive Tuning System of Phase Margin and Crossover Frequency

In [14, 15, 117, 118] adaptive autotuning systems are presented. The goal of these autotuning concepts is

to continuously control the crossover frequency and the phase margin of the system. The control system is

excited with a frequency equal to the latest crossover frequency. In order to find this frequency, the injected

frequency is iteratively adjusted until its amplitude matches the amplitude of the measured frequency. Then,

the phase delay at this frequency, which equals the phase margin of the control, is measured. An adaptive

tuning algorithm adjusts the PID controller parameters such that the crossover frequency and the phase

margin meet their pre-set values.

In [14] a square wave signal is injected and chosen such that only one LSB of the output voltage ADC

(20 mV) is triggered. This equals ±0.4% of the nominal output voltage. The tuning of the controller is per-

formed during ongoing operation and is implemented with a total number of 12,270 gates. The identification

takes approximately 20 ms.

The prior art system identification approaches are all relevant and useful, but their implementation effort is

significant and the identification times are long. That is why, there is a need for new concepts addressing

these drawbacks. Fast and low effort parameter identification concepts are proposed in the following section.
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5.3 Proposed Fast and Low Effort Parameter Identification Concepts

In this section the identification strategy of the proposed concepts is explained, as it differs significantly

from concepts shown in other publications. After that, the identification of dynamic parameters, such as

the input voltage and the load current, is discussed. Finally, a combined identification concept for the most

influential static parameters, the inductance and the capacitance, is shown.

5.3.1 Identification Strategy

System identification in SMPS is the process of identifying the system characteristics of an entire power

converter. In contrast, the identification of individual parameters of a power converter is called parameter

identification. Usually, parameter identification can be done with lower effort, and can be very effective

when identifying the most influential parameters.

Identification approaches are classified in parametric or non-parametric identification [109,125]. Parametric

identification is based on a model whose parameters are identified. Consequently, a basic system model,

matching the system behavior, is chosen at the beginning. During identification the model parameters are

determined. The autotuning by oscillations analysis, the parameter identification based on analog sensing

circuitry, both explained in Section 5.2, and the approach proposed in this work belong to this identification

class. In contrast, the transfer function of a system is identified in non-parametric approaches by means of

transient-response analysis, correlation analysis, and frequency-response analysis without initially specify-

ing a model. The system identification by cross-correlation approaches and the adaptive tuning system for

phase margin and crossover frequency, outlined in Section 5.2, belong to this identification class.

This work proposes identification concepts, which differ significantly from the concepts in prior art. This is

because most existing concepts are limited by at least one of the following drawbacks:

1. Output voltage disturbances are applied continuously during operation, which makes the design pro-

cess for the SMPS more difficult [14, 15, 109]. This is because the specified output voltage margin

has to be partly reserved for the identification. Consequently, less voltage headroom is available for

the regulation of disturbances, Fig 5.5.

2. Design of the control loop is more complex since multiple interacting control loops are added [14,15,

117, 118].
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3. Complex sets of equations are solved at the expense of extensive hardware overhead [13, 15, 109].

The logic for algebraic operations requires large area in integrated solutions. In [109] a parameter

identification concept using cross-correlation and fast fourier transformation (FFT) is implemented

with 28,100 gates, which needs already around 1 mm2 chip area in an ASIC fabricated in a 180 nm

BCD technology.

4. Open loop operation or duty cycle freeze during identification interrupt normal operation [104–111,

123].

5. The desired crossover frequency needs to be specified a priori [14, 15, 117, 118]. In boost convert-

ers (RHPZ, see Section 3.1), this requires a worst case approach although autotuning is done. The

reason is that the maximum crossover frequency is dependent on varying parameters, including the

inductance.

6. The identification times are long, during startup (>1 ms) and in operation (>15 ms) [13–15, 109].

In most applications, this is not reasonable, as the output voltage is permanently disturbed. Also,

startup time is limited, e.g. in automotive applications typically only 1 ms is available before regular

operation including a soft-start output voltage ramp-up, which already takes ∼0.5 ms, Fig. 5.6.
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Fig. 5.6: Typical startup sequence of a boost converter in an automotive application: Soft-start with preced-
ing identification period.

A minor additional effort lowers the threshold to apply identification concepts. Therefore, it is beneficial

to rely on already available measured parameters. The output voltage Vout is digitized with an ADC for the

voltage control loop (see Section 4.1) and can be reused for parameter identification. Also, the input voltage

Vin is often sensed with an ADC for voltage feedforward or sophisticated control concepts [126–128]. The

inductor peak current IL,peak is also available in peak CMC, as it is set by the controller CtrlOut. In addition

to these available measurements, the on- and off-times of the switch, which are not available in CMC, can

be measured by means of digital counters with low hardware effort.
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This work aims to identify the most influential parameters in the frequency range of the crossover fre-

quency fc. Parameters that have only minor influence on the system in this frequency range are neglected.

The influential parameters already allow for deriving controller configurations and other actions with suf-

ficient accuracy. In the following it is derived which parameters have the greatest impact on the system in

the frequency range of fc. This is done by analyzing the control-to-output transfer function of the boost

converter, which is given in Section 3.1. The analysis is likewise available for buck converters, see Ap-

pendix B.1.

Influential Parameters

The influence of individual parameter variations on the control-to-output transfer function T for

boost converters is shown in Figures 5.7 to 5.9. In each plot one parameter is subject to variation,

all other parameters are considered with nominal values. In a boost converter the maximum crossover fre-

quency fc is usually chosen not higher than 30 % of the RHPZ, which limits the bandwidth

of the control system, see Section 3.1. In Figures 5.7 to 5.9 the targeted crossover frequency range is

shaded in gray.

Figure 5.7 shows that inductance variations lead to a negative phase shift in the crossover frequency range

endangering control stability. In contrast, the transfer function is not affected by a variation of the inductor

series resistance RL.
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Fig. 5.7: Bode plot of the boost converter control-to-output transfer function for nominal parameters and
for a variation (a) of the inductance L and (b) of the series resistance of the inductor RL by a factor
of 4 and 1/4, respectively.
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Figure 5.8 indicates that capacitance variations influence the magnitude and, consequently, move the crossover

frequency, which impacts control stability and may slow down the control. The capacitor series resistance

RC does not influence the converter behavior.
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Fig. 5.8: Bode plot of the boost converter control-to-output transfer function for nominal parameters and
for a variation of (a) the capacitance C and (b) the capacitor series resistance RC by a factor of 4
and 1/4, respectively.

As displayed in Fig. 5.9, the influence of the input voltage is only minor, whereas the load resistance Rload

influences both the magnitude and the phase in the frequency range of interest.
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Fig. 5.9: Bode plot of the boost converter control-to-output transfer function for nominal parameters and
for a variation of (a) the input voltage Vin by a factor of 2 and 1/2 and (b) the load resistance Rload
by a factor of 4 and 1/4, respectively.
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Table 5.1 summarizes the influence of each parameter on magnitude and phase in the investigated frequency

range. A ’+’ denotes that a parameter has a relevant impact on the control-to-output transfer function T , an

’o’ indicates small impact, and a ’–’ that a parameter has only minor or no influence.

Tab. 5.1: Influence of parameters on the boost converter control-to-output transfer function.

Parameter L C RL RC Vin Rload

Influence on magnitude |T (s)| o + – – o +

Influence on phase ∠T (s) + + – – – +

In conclusion, the shown figures prove that apart from the operating parameters (Vin, Rload), the inductance

L and the capacitance C dominate the transfer function in the frequency range of interest, while other SMPS

parameters are of minor influence.

For the sake of completeness according to (3.4), the switching frequency and the shunt resistor for the in-

ductor current measurement in current mode controlled converters (see Fig. 3.4) must be analyzed, too. The

switching frequency is either constant or its variation is controlled and, therefore, known. The shunt resistor

is designed to provide an accurate current information. Thus, its variation is small, typical commercial shunt

resistors show only±1%-variation. Thus, their influence on the behavior of the converter is only minor and,

therefore, can be neglected.

In the following, concepts for identification of the load, inductance and capacitance are presented. No

identification concept is proposed for the input voltage Vin, as digitally controlled SMPS most commonly

use a dedicated ADC for this purpose. The knowledge of Vin is useful for input voltage feedforward, for

obtaining fast dynamic response, and for improving the power efficiency [126–128]. It is beneficial for im-

proving the bandwidth of a boost converter, as the input voltage influences the RHPZ, which determines the

maximum bandwidth, see Section 6.2. Additionally, the input voltage information is valuable for parameter

identification concepts for other converter parameters (compare [98] and Section 5.3.3).

The typical input voltage dynamics is slow compared to the output voltage dynamics, i.e. around 1V/ms

in automotive battery powered applications [129] or even more slow in portable applications [130]. Con-

sequently, in contrast to the output voltage ADC, the sampling rate and latency requirement for the input

voltage ADC is minor. Therefore, the use of a ∆Σ ADC is proposed, providing high resolution with small

hardware effort, see Section 4.4.
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5.3.2 Load Identification

Not only because of the great overall impact on the transfer function of a boost converter, accurate load

information is required, but also because of its massive impact on the RHPZ (see Section 6.2.3). Load

identification allows for controller adaption and maximized control bandwidth. Besides, it is valuable in

temperature monitoring [98] and also for adaptive voltage positioning (Section 2.2 and [101, 131]).

This work proposes a simple, purely digital and lossless load identification, which can be implemented

without any additional measurement effort.

The typical inductor and diode current steady-state characteristics of a boost converter is shown in Fig. 5.10.

With the help of this current characteristics it is possible to determine a correlation of the controller output

signal and the load, which is represented by the load resistance Rload =Vout/Iload. The correlation is shown

for peak current mode control, it can be similarly derived for valley or average current mode control.

TimeTsw

CtrlOut

Vcomp,ppIL,peak

Inductor current IL

Diode current ID

IL,avgΔI

CtrlOut-Vcomp

ID,avg= Iload

Fig. 5.10: Waveforms of a peak current mode controlled boost converter.

In peak current mode control, the controller output signal CtrlOut correlates with the peak inductor cur-

rent IL,peak. For the current control loop, an inductor current measurement is required. The proposed load

identification is independent on the measurement method. Hereafter, a measurement with an equivalent

shunt Rshunt is assumed. With these quantities the duty cycle D is built in a current mode controlled boost

converter, as explained in Section 3.1. If a ramp compensation Vcomp with a peak-to-peak voltage Vcomp,pp is

used to prevent subharmonic oscillations [32], the controller output signal correlates with the peak inductor

current:

IL,peak =
CtrlOut−Vcomp,pp ·D

Rshunt
(5.1)

Page 77 of 190



5 Parameter Identification

The average inductor current IL,avg can be expressed with the help of the maximum inductor current IL,peak:

IL,avg = IL,peak−
∆I
2

(5.2)

The current ripple ∆I of a boost converter is a function of the input voltage Vin, the duty cycle D, the

switching period Tsw, and the inductance L:

∆I =
Vin ·D ·Tsw

L
(5.3)

In a current mode controlled boost converter the load current Iload is equal to the average diode cur-

rent ID,avg. The average diode current, in turn, is ID,avg = (1−D) · IL,avg. Therefore, the load resistance

Rload =Vout/ID,avg can be described by:

Rload =
Vout

(1−D) · IL,avg
(5.4)

Hence, it is possible to determine a correlation of the load resistance and the controller output signal with

(5.4) by inserting (5.1)-(5.3) for the averaged inductor current IL,avg:

Rload = K′ · 1
CtrlOut−A

(5.5)

K′ and A are defined as:

K′ =
Vout ·Rshunt

1−D
(5.6)

A = D ·
(

Vcomp,pp +
Vout ·Tsw ·Rshunt · (1−D)

2L

)
(5.7)

Equation (5.5) allows to determine the latest load of boost converters. A similar expression can be derived

for other topologies, e.g. buck converters. The adaption of the controller to the latest load allows for

dynamic performance improvement of the control.
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Analysis of the Application Range - Load Identification

In this section the most relevant parameters for an accurate identification of the load are derived. Further, it

is shown which identification accuracies can be expected depending on the different operating points of the

converter, i.e. different input voltages or load currents.

The calculation of the load current Iload depends on several parameters as shown in (5.5):

Iload = f (Vout,Rshunt, ton,Tsw,Vcomp,pp,L,CtrlOut). In the following, the influence on load identification ac-

curacy is discussed for each parameter, individually.

The output voltage needs to be determined for the control of the SMPS. It is measured with the help of an

ADC. Therefore, the measurement inaccuracy is very small. For example, 0.05 % with the 6-bit delay line

live-tracking window concept ADC at an output voltage of 6.3 V of this work, see Section 4.1.

A shunt resistor is used for the inductor current measurement. Typical shunt resistors have a maximum inac-

curacy not larger than 1 %, which translates into a load identification error with the same relative inaccuracy.

Due to the small expected inaccuracy this factor can be neglected.

The on-time measurement is based on digital counters with finite time resolution. Therefore, a load current

identification inaccuracy occurs. In the Appendix B.2, this inaccuracy is displayed for different values of the

load current to be identified, the present input voltage and the inductance, Fig. B.8. The time measurement

inaccuracies only cause approximately 1 % or less error in all operating points and, hence, can be neglected.

The ramp compensation may introduce peak-to-peak inaccuracies. Figure 5.11(a) depicts the influence of

an extreme 15 % inaccuracy of the compensation ramp peak-peak voltage with respect to Vin and Iload. With

high load currents and low input voltages the relative identification inaccuracy of the load current is low. For

load currents higher than 500 mA the identification inaccuracy is less than 5 % for all input voltages. Com-

pensation ramp trimming reduces the peak-to-peak inaccuracies. If this trimming is applied, the accuracy

of the peak-to-peak voltage is significantly increased, which ensures an accurate load identification.

According to Section 5.1, the inductance L underlies variations due to production, temperature, and aging

effects. The influence of the inductance inaccuracy on the load current calculation is depicted in Fig. 5.11(b)

with respect to the nominal Lnom and Iload. This analysis assumes an inductance uncertainty of 15 % with

respect to the nominal inductance. The relative Iload identification inaccuracy caused by inductance varia-

tions is low, if the nominal inductance is high and/or the load current is high. For an inductor of a nominal

inductance of 5 µH, underlying 15 % inductance inaccuracy, and a load current of 200 mA a maximum load

current identification inaccuracy of around 11 % is obtained. For the nominal inductance of 20 µH the load

current inaccuracy is less than 3 % for all load currents higher than 200 mA. A concept for inductance iden-
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Fig. 5.11: Relative Iload identification inaccuracy (a) caused by 15 % compensation ramp inaccuracy as func-
tion of the input voltage Vin and the load current Iload and (b) caused by 15 % inductance inaccu-
racy as function of the inductance L and the load current Iload.

tification is shown in the following section. The load identification works with very small inaccuracies at

high load currents and high inductor values.

In the proposed identification method, CtrlOut is used to set an peak inductor current. While setting it,

offset errors may apply, since there are transfer blocks used, such as a DAC. Offset trimming allows for

eliminating any offset errors of these transfer blocks, including the DAC. Therefore, the setting of the peak

inductor current does not contribute to inaccuracies of the load identification. Thus, it can be neglected.

In summary, the proposed load identification relies on several parameters. The analysis of this section

has shown that an accurate identification is possible, as many parameters are well-known or are accurately

determined by simple actions, such as inductance identification and ramp compensation trimming. This will

be confirmed experimentally, see Section 5.4.3.

5.3.3 Combined Inductance and Capacitance Identification

According to Section 5.3.1 the inductance and the capacitance are the most influential static parameters

of SMPS. Consequently, the identification of these parameters is most important. The following induc-

tance and capacitance identification concept is shown for boost converters. It can also be applied to buck

converters with even simpler implementation, see Appendix B.1. Since the identification algorithm is de-

veloped for a common identification, the concept allows for an identification of both, the inductance and the

capacitance, at the same time.
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Startup Identification Scheme

The inductance identification approach is to evaluate the inductor current ramp-up with turned on switch

and calculate the inductor L = VL · ton
IL,peak

. Therefore, a peak inductor current IL,peak is set by the controller,

which leads to the ramp-up.

The capacitance identification approach is to evaluate the output voltage increase resulting from delivering

a known amount of charge to the output capacitor.

In Fig. 5.12 the proposed identification algorithm is shown in a flowchart. Figure 5.13 depicts the switch

signal S, the inductor current iL, and the output voltage Vout for the startup identification. The identification

is composed of two identification phases ( 1© and 2©). The first identification phase is started by setting

the inductor peak current IL,peak1. The switch is turned on and the inductor current iL increases from a

DC current iL,DC to IL,peak1 and is then turned off. After the switch is turned off, the inductor current iL

commutates from the switch to the diode and the output capacitor is charged. During this process the

inductor current iL decreases. The output voltage increases until iL reaches its DC value iL,DC again. At

this point of time no further charge is provided to the output capacitor and the output voltage reaches

its maximum value Vout,max1 after the time ∆t1. Times ton1, ∆t1, and Vout,max1 are measured. After the first

identification phase, the output capacitor is discharged slowly, as there are typically high ohmic loads during

n := 0

Measure Vin

Set IL,peak,n

Turn on switch

Measure ton

Detect max. value of Vout and Δt

n := n + 1

Start

n = 2?

Calculate L and C

no

yes

End

Fig. 5.12: Two pulse startup characterization flowchart.
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startup (load not activated). In the second phase, a higher inductor peak current IL,peak2 is chosen. Again,

quantities are measured (ton2, ∆t2, and Vout,max2).

S

iL / mA

Vout / V

∆Vout1 = 467mV

∆Vout2 = 380mV

on

off

ton1 = 3.31μs ton2 = 5.01μs
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Fig. 5.13: Switch state S, inductor current iL and output voltage Vout during the two pulse startup identifica-
tion process.

The peak inductor current IL,peak is set in order to ramp up the inductor current. Inductor current measure-

ment, digital-to-analog conversion, and comparator may contribute to peak inductor current offset errors.

For compensation of these offset errors the inductor current is ramped up two times ( 1© and 2©), consec-

utively. Consequently, the calculation of the inductance L considers the difference of two peak inductor

current values (∆IL,peak = IL,peak2− IL,peak1) eliminating any offset errors and follows:

L =VL ·
ton2− ton1

∆IL,peak
(5.8)

In good approximation, it can be assumed that the inductor voltage VL is equal to Vin. However, RDS,on

causes a voltage drop that leads to a reduced and non-static inductor voltage VL, which, in turn, influences

the inductor current slope:

Vin = RDS,on · iL +L · diL
dt

(5.9)

This effect needs to be incorporated in order to achieve a sufficiently precise identification result. As part of
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this work, a simple compensation of the voltage drop across RDS,on is proposed. While the switch is turned

on, the inductor current iL is increasing almost linearly, which leads to a linearly increasing voltage drop.

The inductor voltage can be well approximated by its average value VL,avg during the identification:

VL,avg =Vin−RDS,on ·
IL,peak1 + IL,peak2

2
(5.10)

Equation (5.8) changes to:

L =
Vin−RDS,on ·

IL,peak1 + IL,peak2

2
IL,peak2− IL,peak1

· (ton2− ton1) (5.11)

This equation is used for identification of the inductance.

In the following, the capacitance identification algorithm is described. When the switch is turned off, the

inductor current is delivered to the output capacitor and to the load. In good approximation, the inductor

current follows a triangle shape and its average value (minus Iload) supplies the capacitor: IC =
IL,peak

2 − Iload.

The charging of the output capacitor leads to an increase of the output voltage ∆Vout until the inductor current

equals the load current. This point in time is determined with the standard output voltage measurement, as

at this instant the output voltage reaches its maximum value after ∆t:

∆Vout =
IC

C
·∆t =

IL,peak/2− Iload

C
·∆t (5.12)

By charging the output capacitor two subsequent times, two output voltage differences ∆Vout are measured.

By considering both output voltage differences, the load term in (5.12) disappears. Consequently, the need

for an additional measurement of the load current is avoided. Let the voltage increase resulting from the first

charging be ∆Vout1 and the voltage increase resulting from the second charging be ∆Vout2. By rearranging

(5.12) and considering the double charging, the capacitance identification formula becomes:

C =
IL,peak2− IL,peak1

2 ·
(

∆Vout2

∆t2
− ∆Vout1

∆t1

) (5.13)

Equation (5.11) allows for identification of the inductance and (5.13) for the capacitance, respectively.

The identification of both the inductance and the capacitance can be improved by adding a third phase to

the identification pattern. For this reason, one additional current triangle 1© is placed in front of the first
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actual identification phase. Figure 5.14 shows the switch signal S, the inductor current iL and the output

voltage Vout for this case. The first current increase 1© is not used for identification purposes, but in order

to obtain a short overall identification time. This is because the current triangles can be applied with shorter

time delay after each other. A more accurate inductance and capacitance identification is obtained, too.

S

iL / mA

vout / V

∆Vout1 = 193mV

∆Vout2 = 304mV

on

off

ton1 = 3.33μs ton2 = 5.00μs

IL,peak2 = 750mA

IL,peak1 = 500mA

∆t1 = 15.33μs ∆t2 = 15.91μs

t / μs

t / μs

t / μs

1 2

600
400
200
0

3.8
3.6
3.4
3.4
3

0 20 40 60 80 100

0 20 40 60 80 100

0 20 40 60 80 100

3

I L,
D
C
≠
0A

Fig. 5.14: Switch state S, inductor current iL and output voltage Vout during the three pulse startup identifi-
cation process.

A DC current IL,DC may flow in the inductor before operation, since there might be a small resistive load,

Fig. 5.14. With a third current triangle, the inductor current starts from 0 A in the two subsequent identifi-

cation ramp-ups 2© and 3©, as the output voltage is increased through this first current ramp-up 1© due to

the light load in startup. Thus, the diode D blocks, once the inductor current has ramped down as the output

voltage is higher than the input voltage of the converter. Consequently, the inductor current starts from 0 A

in every subsequent ramp-up. Therefore, the inductor current start value is equal and independent of the

load. Thus, the inductance identification precision is improved.

The capacitor identification relies on a linear decrease of the inductor current. Any parasitic resistance in

the inductor current path causes a slight nonlinearity. A more precise capacitance identification is achiev-

able for increased output voltage, because the resistive voltage drop becomes negligible compared to the

inductor voltage drop. This reduces the nonlinearity. This is why the first inductor current ramp-up 1© is

applied in addition to the advantages of equal inductor current starting values for the identification and short

identification duration.
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Analysis of the Application Range – Startup Inductance Identification

This subsection derives, which parameters are most relevant for an accurate inductance identification. Fur-

ther, it is shown which identification accuracies can be expected depending on the operating points of the

converter, i.e. different input voltages and inductance values.

The inductance identification is dependent on the inductor voltage, the difference of two measured switch

on-times, and the difference of two set inductor peak currents: L = f (VL,∆t,∆IL,peak). Each inaccuracy in

the measurement or setting of these parameters contributes to an inaccuracy of the inductance identification

and is discussed below.

The inductor voltage, in turn, depends on the input voltage, the chosen inductor peak current, and the switch

on-resistance: VL = f (Vin, IL,peak,RDS,on). The input voltage Vin is usually measured with high ADC resolu-

tion. When utilizing a 0-to-6 V ADC with 10-bit resolution (6V/210 = 6mV/LSB) in an application with

an input voltage of Vin = 3V, a measurement inaccuracy well below 1 % is obtained (1% of 3V = 30mV).

Consequently, the inaccuracy caused by the input voltage measurement can be neglected.

The inductor voltage VL is described by a differential equation (5.9), which can only be solved at the ex-

pense of extensive hardware. Thus, an approximation (5.10) is introduced, which naturally leads to an

inaccuracy. This inaccuracy is investigated with an assumed current slope from 0 A to IL,peak. The dif-

ferential equation (5.9) is solved. With this solution, a reference value for the inductance is determined.

This value is compared to the inductance, which is obtained from the identification using the approximated

voltage VL,avg, introduced in (5.10). Figure 5.15 shows the inductance identification inaccuracy caused by

the inductor voltage approximation for different inductor peak currents IL,peak, the present input voltage Vin

and the switch on-resistance RDS,on.

Figure 5.15(a) proves that for RDS,on = 500mΩ (and smaller) the inductor identification inaccuracy, result-

ing from the inductor voltage approximation, is less than 1.5 % for all depicted combinations of Vin and

the chosen IL,peak. Figure 5.15(b) indicates that the approximation becomes inaccurate for a combination of

high peak inductor current choices and high on-resistances of the switch. This is because the resistive volt-

age drop at the on-resistance of the switch is high in these cases. Hence, the inductor voltage approximation

becomes inaccurate.

The accuracy of ∆IL,peak = IL,peak2− IL,peak1 depends on the accuracy of the setting of the peak currents. This

is determined by the DAC resolution and the shunt resistance Rshunt. Typically, the set peak current may

show an offset error, which is non-relevant due to the used current difference in (5.11). Consequently, the

inaccuracy of the setting of the peak inductor current contributing to inductance identification inaccuracies

is of minor influence and can be neglected.
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Fig. 5.15: Maximum relative inductance calculation inaccuracy caused by inductor voltage approximation
as a function of (a) IL,peak and Vin with RDS,on = 500mΩ and (b) IL,peak and RDS,on with Vin = 3V.

The on-time difference ∆ton = ton2− ton1 is measured with digital counters. These counters operate based

on a clock fclk = 1/Tclk and, thus, have a finite resolution. A high resolution is favorable, but increases the

power consumption. In worst-case, the time measurement of ton1 has an error of +Tclk/2 and ton2 has an

error of −Tclk/2, or vice versa. Hence, the term ton2− ton1 has a maximum absolute error of terror = 1 ·Tclk.

A digital clock of fclk = 125MHz for operating the counters for the time measurements is assumed in the

following. The absolute value of ton2− ton1, which has to be measured, varies depending on the input volt-

age Vin, the inductance L and the inductor peak current difference ∆IL,peak = IL,peak2− IL,peak1. Figure 5.16

shows the inductance identification inaccuracy resulting from the time measurement inaccuracy. It is plotted

(a) as function of ∆IL,peak and L with constant input voltage Vin = 3V and (b) as function of ∆IL,peak and Vin,

assuming a constant inductance L = 20µH. In order to obtain a small worst-case inductance identification
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Fig. 5.16: Relative inductance measurement inaccuracy caused by a time measurement inaccuracy as a func-
tion of (a) L and ∆IL,peak with Vin = 3V and (b) Vin and ∆IL,peak with L = 20µH.
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inaccuracy of less than 2 % at all depicted inductances and input voltages, it is recommended to choose

∆IL,peak ≥ 250mA.

Figure 5.17 shows the worst-case inductance identification inaccuracy caused by a time measurement inac-

curacy as function of the clock frequency fclk used for the on-time measurement, the input voltage Vin and

the inductance L. The inductor peak current difference ∆IL,peak equals 250 mA as recommended above. With

a clock frequency of 50 MHz, a relative time measurement inaccuracy of up to 5 % has to be considered. At

125 MHz the maximum relative inaccuracy is lower than 2 %.
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Fig. 5.17: Relative inductance measurement inaccuracy caused by a time measurement inaccuracy as a func-
tion of (a) L and fclk with Vin = 3V and (b) Vin and fclk with L = 20µH.

In conclusion, the inductance identification inaccuracy is dominated by the time measurement and the pro-

posed approximation of the inductor differential equation. The inductor peak currents IL,peak1 and IL,peak2

can be chosen deliberately. A difference greater than or equal to 250 mA (Fig. 5.16) and absolute val-

ues lower than 1 A (Fig. 5.15(b)) leads to high identification accuracy. Therefore, IL,peak1 = 250mA and

IL,peak2 = 750mA, which results in ∆IL,peak = 500mA, is recommended. Further, a high resolution for the

time measurement leads to the best identification results, but increases the power consumption. Offset er-

rors of the inductor peak current setting do not contribute to identification inaccuracies due to the smart

identification scheme.

Analysis of the Application Range – Startup Capacitance Identification

This section investigates which parameters are most relevant for an accurate capacitance identification.

Further, it is shown which identification accuracies can be expected depending from the different operating

points of the converter. The calculation of the capacitance is based on (5.13). Thus, C = f (∆IL,peak,∆t,∆Vout)

accounts.
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The inaccuracy of the inductor peak currents ∆IL,peak is discussed in the previous subsection. It has minor

influence, since offset errors are eliminated by concept. Therefore, it can be neglected. Consequently, for

the analysis of the expected identification accuracy, the influence of ∆t and ∆Vout must be investigated.

The time measurement ∆t is based on digital counters using a clock, as explained in the previous subsection.

For the capacitance identification, the time of the falling inductor current slope is measured. The resulting

inaccuracy as a function of the inductor L and the digital clock fclk is shown in Fig. 5.18. The peak inductor

currents are chosen to IL,peak1 = 250mA and IL,peak2 = 750mA, which is suitable for the inductance identi-

fication (see previous subsection). The analysis shows that the identification inaccuracy is lower than 2 %

for a clock higher than 100 MHz for all inductances within the depicted range.
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Fig. 5.18: Capacitance identification inaccuracy caused by a time measurement inaccuracy for different
inductors L and various counter clocks fclk.

The output voltage Vout is measured with an ADC. Typical output voltage swings of 200 mV to 400 mV have

to be measured during the identification, see Fig. 5.27. An inaccuracy of±LSB/2 may occur in an absolute

voltage measurement. Consequently, the maximum voltage difference measurement error is 1 ·LSB. This

leads to a relative voltage measurement inaccuracy of up to 1.5 % with VLSB = 3mV, which is the resolution

of the used delay line ADC, see Section 4.1. ADCs with lower resolution lead to worse identification results.

In case of VLSB = 8mV the maximum inaccuracy already reaches 4 %.

A further inaccuracy may result from nonlinearities of the inductor current falling slope due to resistive

parasitics in the inductor current path. They lead to a voltage drop comparable to the inductor identification

case with rising inductor current, see (5.9). Typically, the equivalent series resistance of the inductor is the

main contributor to resistive parasitics, which is still relatively low. A more precise capacitance identifica-

tion is achievable for larger output voltages. Thus, the resistive voltage drop becomes negligible compared

to the inductor voltage drop. The maximum output voltage depends on the application and is determined

by the loads, which must not start operation. However, it can be assumed that the inductor voltage drop is

multiple times higher than the resistive voltage drop. Thus, the inaccuracy from this nonlinearity can be
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considered low and negligible in most cases.

Summarizing all capacitance identification uncertainties, the accuracy is dominated by the output voltage

and time measurement resolution. The delay line ADC in this work achieves very small identification

inaccuracies smaller than 1.5 % and is, hence, well suitable. With a moderately high digital clock for time

measurement, such as 100 MHz, the identification of the capacitor is expected to be very accurate.

Ongoing Operation Identification Scheme

This section presents an inductance and capacitance identification, which can be applied during operation.

The concept is similar to the startup identification. The hardware effort is low, as well, since the equations

used for identification are derived from the same basis, which will be explained in detail in this subsection.

It measures the same quantities as the startup identification. The identification happens even faster than in

startup. The identification duration can be as low as one switching cycle (e.g. 2 µs for fsw = 500kHz). This

is 7000 times shorter than in prior art in-operation identification concepts. Furthermore, the output voltage

disturbance is low.

The proposed concept aims to identify the inductance and the capacitance by manipulating the controller

output. A known offset ∆IL,peak is added to the controller, which results in an increased inductor peak current

in the next switching cycle. The increased inductor peak current is accompanied by a duty cycle increase,

which is evaluated and used for the inductance calculation. In the meantime, the output capacitor can be

identified by evaluation of the output voltage change over time.

Figure 5.19 displays the identification algorithm in a flowchart, while Fig. 5.20 shows the timing diagram.

In the first phase of the concept, starting at t = −Tsw, the input voltage Vin and the on-time of the switch

ton1 are measured as a reference. Further, the load current Iload is determined by measurement or by the

identification shown in Section 5.3.2.

The controller output manipulation takes place at t = 0. If the controller output is manipulated by a specified

value ∆CtrlOut, the inductor peak current manipulation ∆IL,peak can be calculated. Therefore, the duty cycle

difference between steady state and manipulated state is measured. The inductance in boost converters can

then be calculated using:

L =
VL · (ton2− ton1)

∆IL,peak
(5.14)

The inductor voltage VL equals the input voltage Vin with compensation of the switch on-resistance voltage

drop. Thus, it is chosen according to (5.10). If a ramp compensation preventing subharmonic oscillations
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Start

Measure Vin , ton1 and calculate ILoad

Add ΔIL,peak to controller output

Measure vout, ton2 and calculate L, C

Undo controller manipulation

Disturbance compensation pattern

End

-TSW ≤ t ≤ 0

t = 0

0 ≤ t ≤ TSW

t = TSW

t > TSW

Fig. 5.19: In-operation identification flowchart.

is used, its impact on the peak inductor current has to be considered similar to Section 5.3.2. The ramp

compensation voltage can be derived from known parameters during operation.

The capacitor identification approach, which is explained in the following, shares the identification pattern

used for the inductor identification.

When the switch in a boost converter is turned on, the load current is provided from the output capacitor.

Assuming that the load current is constant during one switching cycle, the output voltage decreases linearly

as shown in Fig. 5.20 and the capacitance can be calculated according to:

C =
Iload

dVout/dt
(5.15)

The load current Iload is dependent on the absolute output voltage Vout. Equation (5.15) assumes a constant

load current. This approximation is adequately useful for short time intervals (e.g. few switching cycles),

since the load current changes only slightly within one interval. Therefore, the approximation causes only

minimum inaccuracy in the proposed identification within one switching cycle. The load current of current

mode controlled converters can be either measured or more easily determined from the controller output, as

presented in Section 5.3.2.

For identification, multiple output voltage samples are recorded to determine the output voltage-time deriva-

tive, Fig. 5.20. This is challenging, as it might be inaccurate due to the limited ADC resolution and the short

measurement period. Therefore, a linear regression algorithm is proposed, that helps improving the accu-
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racy, see Appendix B.3. Any high-frequency output voltage disturbances are eliminated by the anti-aliasing

low-pass filter characteristics of the OTA of the input stage of the ADC, see Fig. 4.8.

At t = Tsw the controller output manipulation is stopped, such that the inductor peak current equals its

steady state value IL,peak1 again. The manipulation period inherently leads to an increased output voltage,

because the current carried to the output capacitor is increased by the manipulation process, while the load

can be assumed to be constant during the identification period. There are two ways to handle the output

voltage increase. A first approach lets the controller bring the output voltage back to its set point, which

is appropriate as the output voltage deviation is small. The controller senses the increased output voltage

and counteracts by decreasing its output CtrlOut. The second approach is to introduce a compensation

pattern immediately after the manipulation period. The controller output manipulation can be reversed

(−∆CtrlOut) in the switching period after the identification. The inductor peak current is thus reduced

for one cycle and the output voltage increase is reversed more quickly than in the first approach. This is

recommended for small output voltage disturbances and used in this work.
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Fig. 5.20: Switch control S, inductor current iL, and output voltage Vout during the inductance identification
process.

Figure 5.20 confirms that the output voltage is perturbed only slightly. The controller output is manipulated

with −∆CtrlOut in the period subsequent to the identification period. The inductor peak current in this

compensation period, however, is not lower than the steady state peak current (see Fig. 5.20). This can

be explained by the influence of the ramp compensation. With smaller duty cycle, the influence of the
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ramp compensation is smaller. Figure 5.21 illustrates this issue by means of the inductor current iL, the

demanded current iDAC = VDAC/Rshunt and the reference current iref = iDAC−Vcomp/Rshunt. In a current

mode controlled boost converter, the reference current iref is compared to the inductor current iL and their

intersection determines the turn-off of the switch. In the compensation phase starting from t = Tsw until

t = 2Tsw, the inductor peak current is similar to the switching cycle before. This is caused by the ramp

compensation, although the demanded current value is significantly lower than in the switching cycle before.

i L
/m
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t / s

-Tsw 0 Tsw 2Tsw 3Tsw 4Tsw 5Tsw

400
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800

1000 iL
iDAC
iref

-2Tsw

Fig. 5.21: Inductor current iL, DAC set point iDAC and reference current iref during the identification process.

In conclusion, the proposed identification pattern can be used for both the inductor and the capacitor, at

the same time. Further, a one-cycle compensation pattern is recommended, as it reduces the output voltage

disturbance, although the ramp compensation weakens the effect.

Analysis of the Application Range – Inductance Identification

The most relevant parameters for an accurate inductance identification are investigated in this section. Fur-

ther, it is shown which identification accuracies can be expected depending on the operating points of the

converter, i.e. different input voltages and inductance values.

According to (5.14) the inductance is identified on the basis of multiple parameters during operation:

L = f (VL,∆t,∆IL,peak). The influences of these parameters are discussed below.

The input voltage Vin minus switch on-resistance voltage drop represents the inductor voltage VL in (5.14),

like for the inductance identification during startup. An approximation for the inductor voltage VL is in-

troduced in (5.10). It has been shown that the approximation yields accuracies better than 1.5 %, if the

on-resistance of the switch RDS,on is smaller than 0.5Ω.

The accuracy of ∆IL,peak = IL,peak2− IL,peak1 was already analyzed earlier in this section. There has been

shown that the inaccuracy of the setting of the peak inductor current contributing to inductance identification

inaccuracies is negligible.
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The on time difference ∆t can be analyzed similar to the startup identification. Only, the ∆IL,peak is smaller

during operation. A large ∆IL,peak leads to a large output voltage disturbance and is, therefore, not wanted.

Figure 5.22 displays the inductance identification inaccuracy in a boost converter depending on the choice

of ∆IL,peak, the inductance L to be identified and the input voltage Vin during identification. In Fig. 5.22(a)

the inductance identification inaccuracy is plotted as function of ∆IL,peak and L with constant input voltage

Vin = 3V. In Fig. 5.22(b) the inductance identification inaccuracy is plotted as function of ∆IL,peak and Vin

with constant inductance L = 20µH.
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Fig. 5.22: Inductance identification inaccuracy caused by a time measurement inaccuracy as a function of
(a) L and ∆IL,peak with Vin = 3V and (b) Vin and ∆IL,peak with L = 20µH.

In conclusion, the larger the inductor L, the lower the identification inaccuracy. However, the inductance

L is given by the application. Also, the input voltage Vin is given. A low input voltage promises high

identification accuracies. The inductor peak current difference ∆IL,peak can be chosen in the algorithm and

should be as large as possible according to the graphs. However, a large ∆IL,peak also correlates with a high

perturbation level. A good trade-off, leading to low inaccuracy and acceptable perturbation level, depends

on the application. In the boost converter, whose parameters are listed in Table 3.1, ∆IL,peak = 66mA causes

only 10 mV output voltage disturbance, which equals less than 0.2 % of the nominal output voltage (6.3 V)

at Iload = 250mA.

Analysis of the Application Range – Capacitance Identification

The capacitance identification is based on Iload and dVout/dt: C = f (Iload,dVout/dt). The load current Iload

can be directly measured with high accuracy but also high effort. Alternatively, the load identification in

Section 5.3.2 achieves high accuracy. Nevertheless, any load identification inaccuracy maps to a capacitor

identification inaccuracy.
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As the voltage drop is low and the time period is short, a high resolution and high sample rate ADC is

required for good identification results. The delay line ADC, presented in Section 4.1, is well suitable.

When applying several identification runs in a row, the voltage-time derivative dVout/dt can be determined

with a linear regression algorithm improving the accuracy of the capacitance identification. Appendix B.3

shows, how a linear regression works, and determines the improvements dependent on the number of sam-

ples and identification runs.

Summarizing all uncertainties, both a dVout/dt measurement inaccuracy and a load identification inaccuracy

make an accurate identification challenging. However, a linear regression for the output voltage slope

measurement and an accurate load identification improve the capacitance identification in operation. In

particular, monitoring of the output capacitor, serving as a safety feature, can be implemented with small

effort on the basis of the capacitance identification proposed in this work.

5.4 Experimental Verification

This section shows the experimental results for the load, inductor and capacitor identification. For this

reason, first, the experimental setup in general is introduced. After that, the dedicated evaluation of the

parameter identification concepts is explained.

5.4.1 Test Setup

In this section the test setup is presented, which is used for the parameter identification verification and, also,

for the experimental verification of Section 6. The test setup is composed of an IC, fabricated in a 180 nm

BCD technology, together with its peripherals, i.e. the filter passives of the various converter configurations,

and an FPGA. The IC contains the ADCs, the DACs / DPWM, the FETs, the current sensing for CMC, the

ramp compensation, the gate driver, and the analog PWM signal generation, see Fig. 4.26. The digital part

is implemented in a Xilinx Spartan-6 FPGA, which is targeted for low-cost applications and has over 100

I/O pins. The digital part could likewise be integrated in the IC. The power path inductors and capacitors

(filter passives) of the converters are applied externally, Fig. 5.23.

For the experimental verification, the inductor and the output capacitor can be either set to fixed values or,

for parameter identification, set to different inductances and capacitances. Five different inductors (22.0 µH,

11.0 µH, 4.7 µH, 2.0 µH and 1.3 µH) are available and can be put together in any combination. Thus, 29

different inductances from 3.3 µH to 41.0 µH can be utilized. Three different capacitors (22.0 µF, 10.0 µF

and 4.7 µF) are available and six different capacitances from 10 µF to 36.7 µF can be applied.
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IC

FPGA
Filter
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Fig. 5.23: Test setup for experimental verification.

In order to have an exact identification reference both the inductors and the capacitors are characterized

with an impedance analyzer. Figure 5.24 shows the frequency characteristics of an exemplary inductor

with a nominal inductance Lnom = 22µH (type: WE-HCI Flat 1365 from Wurth Electronics). Further, the

frequency characteristics of an exemplary capacitor with a nominal capacitance Cnom = 22µF (MLCC-SMD

from Murata) is depicted.
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Fig. 5.24: Measured frequency characteristics of (a) an inductor with Lnom = 22µH at Ibias = 0A and (b) a
capacitor with Cnom = 22µF at Vbias = 6.3V.

The inductance and the capacitance should be identified at the crossover frequency fc, because stability

and performance of the control loop are determined at this frequency. For boost converters, fc is usually

chosen not higher than 30 % of the RHPZ, see Equation (3.5). In this work, the RHPZ is fRHPZ = 49kHz

for nominal parameters, see Table 3.1. Therefore, the identification reference measurement is conducted

at fc = 10kHz.

In the identification concept for ongoing operation, the inductor is stimulated at the switching frequency

( f = 500kHz) and not in the crossover frequency range of f = 10kHz. Therefore, a measurement inaccu-

racy is obtained. However, according to the frequency characteristics of the used inductor, Fig. 5.24(a), the

Page 95 of 190



5 Parameter Identification

inductance value at f = 500kHz only deviates from the inductance value at f = 10kHz by 2 %.

The inductance of an inductor is not only influenced by the frequency, but also by its DC bias current.

The higher the DC current is, the lower the inductance becomes, since the core material tends to saturate

with higher currents. There is no nominal value for the inductor DC current in a converter, as it strongly

depends on the load situation. Therefore, the inductors used in this work are chosen with regard to constant

inductance up to 2 A.

The bias voltage of the capacitors has to be considered as influencing variable. High voltage leads to lower

capacitance, mainly because of the dielectric. Figure 5.25 shows the capacitance as a function of the bias

voltage Vbias. An exemplary 22 µF capacitor is used and the stimulation frequency is set to 1 kHz.

0 2 4 6 8 10
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16
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20

C
/μ
F

Vbias / V

Fig. 5.25: Voltage characteristics of an MLCC-SMD capacitor (Murata) with Cnom = 22µF at f = 1kHz
.

The reference measurement uses Vbias = 6.3V, which is the nominal output voltage of the boost converter.

This also explains that the measured capacitance in Fig. 5.24(b) is much lower than its nominal value.

All results of the reference measurement are shown in Appendix B.4. The inductors and capacitors are

evaluated at the appropriate frequencies and voltages / currents. Consequently, the measured values deviate

from the nominal values. The identification results in the following sections are evaluated based on these

reference measurement results.

5.4.2 Load Identification

The relative error of the measured load identification e = (Iload,ident− Iload,ref)/Iload,ref is shown in Fig. 5.26.

The load current Iload,ref was measured separately as a reference. The inductance is set to 22 µH for all

measured data points, since this fits to the standard parameters of the boost converter used in this work,

Table 3.1. The experimental results are provided for small load currents, as according to Section 5.3.1 the

identification error is higher at small currents. For higher currents the identification is more accurate. The

identification error is less than 3 % over the entire current range shown in Fig. 5.26.

Page 96 of 190



5 Parameter Identification

e
/%

10

5

0

-5

-10
100 150 200 250 300

ILoad / mA

max.: 3%

Fig. 5.26: Deviation of the load current identification results from the actual current Iload.

5.4.3 Combined Inductance and Capacitance Identification

Startup Identification

Figure 5.27 shows the measurement of the startup identification pattern for the boost converter. The mea-

surement was conducted with Vin = 3.5V, Lnom = 22µH, Cnom = 22µF and the parameters of Table 3.1.

IL,peak1=279 mA

ton1=1.75 µs ton2=3.60 µs

Δt1=11.04 µs

Vout

iL

S

IL,peak2=525 mA
ΔIL,peak=246 mA

ΔVout1=222 mV

ΔVout2=419 mV
Δt2=14.98 µs

Fig. 5.27: Pulsed startup identification in a boost converter with Vin = 3.5V , RDS,on = 1.1Ω, L = 22µH and
C = 22µF.

In the first and the second phase IL,peak is set to 250 mA, in the third phase IL,peak is set to 500 mA. The

inductor current is expected to increase until IL,peak is reached. Due to an offset error of the IL,peak setting,

discussed in Section 5.3.3, IL,peak deviates from its set value in all three phases. However, the difference

between the IL,peak values in phase two and three is 246 mA, which is close to the expectation of 250 mA.
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Exemplarily for the shown measurement, the identified inductance can be calculated with the help of the

measured values given in Fig. 5.27 and Equation (5.11), derived in Section 5.3.3:

L =
Vin−RDS,on ·

IL,peak1 + IL,peak2

2
IL,peak2− IL,peak1

· (ton2− ton1)

=
3.5V−1.1Ω · 250mA+500mA

2
500mA−250mA

· (3.60µs−1.75µs) = 22.8µH

(5.16)

Thus, the inductance is identified to L = 22.8µH, which equals a deviation of 5 % from the reference value

of L = 21.7µH (see Fig. 5.24).

Further, the identified capacitance can be calculated based on (5.13), derived in Section 5.3.3:

C =
IL,peak2− IL,peak1

2 ·
(

∆Vout2

∆t2
− ∆Vout1

∆t1

) =
500mA−250mA

2 ·
(

419mV
14.98µs

− 222mV
11.04µs

) = 15.9µF (5.17)

The identified value is C = 15.9µF, which deviates by 10 % from the reference value of C = 14.4µF (see

Fig. 5.25).

The identification results of this concept for different inductors and capacitors are shown in Fig. 5.28 and

Fig. 5.29, respectively. The inductance identification is performed for a fixed capacitance of Cnom = 22µF.

The capacitance identification is performed with Lnom = 22µH. The deviation of each identification is

calculated with e = pident−pref
pref

where pident is the identified value (L, C) and pref is the reference value from

the reference measurement (refer to Appendix B.4).
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Fig. 5.28: Measured identification deviation of different inductors during startup.

The inductance is identified with less than 5 % identification error across all measured inductances, which

is expected according to the analysis of Section 5.3.3. The analysis forecasts small identification errors
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Fig. 5.29: Measured identification deviation of different capacitors during startup.

with good time resolution for the measured switch on-time. A digital clock fclk = 125MHz is used. Small

identification errors can be expected, when the peak inductor values are well below 1 A. They are chosen,

accordingly. The capacitance identification has an inaccuracy of 6−13%. The constant inaccuracy for the

capacitances can be explained by the fact that the capacitances are not identified at their nominal output

voltage. The exemplary voltage characteristics in Fig. 5.25 show that the 22 µF capacitor has a capacitance

of 17.8 µF at 3.5 V and 15.7 µF at 6 V, which equals a deviation of around 13 % and, therefore, explains the

identification inaccuracy. Apart from this deviation, the identification is accurate, since the delay line ADC

for the output voltage provides high resolution. Precise output voltage measurement is required for accurate

identification according to the analysis of Section 5.3.3.

In the following, the inaccuracies resulting from the excitation signal shapes are analyzed for both the

inductor and the capacitor identification. The inductor is stimulated with a voltage pulse of around 2 µs to

4 µs. The pulse length depends on the input voltage Vin, the inductance L and the inductor peak current

IL,peak. Assuming a pulse length of 4 µs, Fig. 5.30(a), the single-sided stimulation frequency spectrum looks

as shown in Fig. 5.30(b). The frequency spectrum is generated by a numerical computation in MATLAB.

The inductor is stimulated in a broad range of frequencies and not explicitly at the crossover frequency,

which may lead to identification inaccuracies. As shown exemplarily in Fig. 5.24(a) the inductance of a

22 µH inductor lies between 21 µH and 23 µH in the frequency range from 1 kHz to 500 kHz, which equals

a deviation of ±5% from the nominal value.

0 2 4 6 8 10

0

1

V

t / μs

|y
|

f / Hz

1

0
103 104 105 106

(a) (b)

Fig. 5.30: Normalized voltage pulse (a) in time domain and (b) in frequency domain.
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The capacitor is stimulated with a characteristic current triangle, Fig. 5.31(a), which simulates the linear

inductor current decrease. It is around 10 µs to 20 µs long. The length depends on the input voltage Vin,

the inductance L, the capacitance C and the inductor peak current IL,peak. Assuming a pulse length of 20 µs,

the single-sided stimulation frequency spectrum looks as shown in Fig. 5.31(b). The capacitor is also not

explicitly stimulated at the crossover frequency, which leads to measurement inaccuracies. In Fig. 5.24(b)

it is shown that the capacitance of a 22 µF capacitor, biased with 6 V, lies between 11 µF and 15 µF in the

frequency range from 1 kHz to 500 kHz.

t / μs
0 4 8 12 16 20

0

1

I

f / Hz

y

1

0
103 104 105 106

(a) (b)

Fig. 5.31: Normalized current triangle (a) in time domain and (b) in frequency domain.

Ongoing Operation

Figure 5.32 shows a measurement of the inductance identification by manipulation of the controller output

for Vin = 3.5V, Lnom = 22µH, Cnom = 22µF, Iload = 225mA and RDS,on = 1.1Ω.

ΔIL,peak=66 mA

ΔVout=29 mV

Vout

iL

ton1=0.97 µs ton2=1.48 µs

ΔVout=10 mV

Fig. 5.32: Inductance and capacitance identification during operation.

The red arrow marks the point of time when the controller output is manipulated. A current increase of

125 mA is requested and an increase of around 66 mA is obtained. The difference can be explained by the
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influence of the ramp compensation and is considered in the calculation. The duty cycle is measured in the

last period before and in the first cycle after the intervention. Combining ∆IL,peak, Vin and the two measured

times ton1, ton2, the inductance can be calculated based on (5.14), see Section 5.3.3:

L =
Vin−RDS,on ·

IL,peak1 + IL,peak2

2
IL,peak2− IL,peak1

· (ton2− ton1)

=
3.5V−1.1Ω · 593mA+527mA

2
66mA

· (1.48µs−0.97µs) = 22.3µH

(5.18)

The identified inductance L = 22.3µH is only 3 % higher as the reference value of L = 21.7µH.

The capacitor can be calculated based on (5.15):

C =
Iload

dVout/dt
=

225mA
29mV/1.48µs

= 11.5µF (5.19)

The capacitance is identified to C = 11.5µF based on (5.15), see Section 5.3.3, which is 11 % lower than

the reference value of C = 12.9µF.

As the concept takes only one period, the output voltage perturbation level is approximately 10 mV, which

is as low as 0.2 % of the nominal output voltage.

Figure 5.33 shows the identification results for various inductors. The capacitance is constantly set to

22 µF for this identification. The results indicate that all inductances are identified with less than ±5%

identification error. Large inductances are identified more accurately, which is in line with the analysis in

Section 5.3.3. A minor inaccuracy of approximately 2 % results from the excitation with a frequency not

equal to the crossover frequency, which is used in the reference measurement, see Section 5.4.1.
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Fig. 5.33: Identification results of the inductances during operation.
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Figure 5.34 shows the identification results for different capacitors. The inductance is constantly set to

22 µH. All capacitances are identified within −10% to −13% inaccuracy. The offset is explained by

the fact that the capacitances are not identified at the crossover frequency of around 10 kHz, but close

to the switching frequency of 500 kHz, see Section 5.4.1. Figure 5.24(b) shows that the capacitance de-

creases from 12.9 µF at 10 kHz to 11.2 µF at 500 kHz (−15 %). Consequently, considering the frequency

and voltage characteristics of the inductor and capacitor according to the product data sheet, will improve

the identification accuracy.
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Fig. 5.34: Identification results for the capacitances during operation.
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5.5 Comparison to Prior Art

Load Identification

Various load identification concepts exist [95–103]. In [95] a current sense amplifier (CSA) for the induc-

tor current is used, where the resulting analog signals are converted into digital signals with the help of

two ADCs. [101] use ohmic parasitics, i.e. the printed circuit board (PCB) trace resistance, for the load

identification. Analog or digital RC-filters, modeling the inductor characteristics, are used in [100, 103].

Most concepts need additional analog circuitry for identification, losses occur and, partially, calibration

routines are mandatory. In contrast, this work proposes a load current identification, which runs without

interruption of the ongoing operation. Hence, the output voltage is not disturbed. Table 5.2 shows a com-

parison of the proposed concept to prior art. The operating parameters of the converters, the identification is

applied to, are listed. [101, 103] provide identification over a wide load current range. However, the identi-

fication accuracy is limited. The concept of this work greatly benefits from the fact, that there is no need for

additional analog circuitry, which is the case in prior art. The identification occurs losslessly, as no resistive

elements are placed in the load path. Measurements show that the load current is identified with only 3 %

inaccuracy, which is better than the accuracies achieved by the other concepts.

Tab. 5.2: Comparison of the proposed load identification with prior art.

[95] [100] [101] [103] This Work

Input voltage 5 V 10 V 12 V 12 V 3.5 V

Output voltage 3.3 V 3.3 V 1.2 V 1.5 V 6.3 V

Load current range 0.1-0.75 A not reported 0-50 A 0-10 A 0-1 A

Identified parameter Iload IL Iload Iload IloadIloadIload

Additional circuitry Yes Yes Yes Yes No

Maximum inaccuracy 3 % 5 % 8 % 6 % 3 %

Combined Inductor and Capacitor Identification

The identification method of this work differs from the methods commonly used in prior art. It analyzes the

most important parameters of the system, i. e. the inductance L and the capacitance C, instead of identifying

the overall system transfer behavior by means of frequency analysis [15, 109], oscillation analysis [13] or

crossover frequency and phase margin control [14] (see also Section 5.2). Therefore, the implementation
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effort is greatly reduced, i.e. 8800 NAND gates for an implementation of an autotuning with eight prede-

fined controller configurations. This improvement allows for cost reduction. Unlike [13, 14, 109, 110], this

work combines an identification during startup of the converter and during ongoing operation. This enables

permanent tracking of SMPS parameter variations. In particular, oscillation analysis [13] is only executed

during startup of the converter, Table 5.3.

Tab. 5.3: Comparison of the proposed inductor and capacitor identification to prior art.

[13] [14] [15] [109] This Work

Identification Oscillation Control of Frequency Frequency Parameter

method analysis fc & ϕm analysis analysis analysis

Application Startup Operation Operation
Startup & Startup &

Operation Operation

Identification
1 ms 20 ms* 15 ms 120 ms* 85 µs / 2 µs85 µs / 2 µs85 µs / 2 µs

time

Gate count
18,000 12,300 12,800*** 28,100** 8,800

(# NAND)

Output voltage not
±0.4% ±0.3% ±3% ±0.4%±0.4%±0.4%

perturbation applicable

Identification ∆ fc
fc

= 3.7% ∆ fc
fc

= 0.6% ∆ fc
fc

= 12.5% not ∆L
L = 5%∆L
L = 5%∆L
L = 5%

inaccuracy ∆ϕm
ϕm

= 22% ∆ϕm
ϕm

= 2.5% ∆ϕm
ϕm

= 14.5% reported ∆C
C = 13%∆C
C = 13%∆C
C = 13%

*Continuous identification, estimated from figure. **Additional: 10 k memory.

***Additional: 2x32-bit multipliers.

This work significantly reduces the identification time to 85 µs during startup and 2 µs during ongoing op-

eration, which is an improvement by a factor of 12 (startup) and 7000 (operation), respectively. Typical

identification times in the other concepts are in the range of 1 ms up to 120 ms. Thus, the presented concept

widely enlarges the application range of parameter identification. In particular, it enables use in applications

with limited identification time.

As an additional advantage, this work does not need an open loop configuration or duty cycle freeze. Conse-

quently, converters with multiple load transients at frequent intervals are covered. The identification allows

for autotuning in current mode controlled converters, which was not published before. Further, the crossover

frequency does not need to be specified a priori in boost converters. Thus, control bandwidths are enlarged.
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6 Advanced Digital Controls

The main target of an SMPS is to provide a constant and stable output voltage at all operating conditions.

This is challenging, as many parameters vary in operation, e.g. the input voltage and the load situation.

Constant output voltages can be achieved with very large output capacitor values, as large capacitances

compensate load variations with their large energy reservoir. However, large output capacitors are expen-

sive, which is verified by the study of capacitor prices shown in Fig. 6.1. Further, the study indicates that the

device size of capacitors with high values is larger than the size of capacitors with lower values. Thus, the

footprint is larger and the mechanical robustness is reduced, e.g. vibration sensitivity increases. Besides,

ceramic capacitors are limited to values in the low µF-range, see Fig. 6.1. For higher capacitance values,

electrolytic capacitors must be used. These capacitors show significantly larger aging effects. Consequently,

their use is aimed to be avoided.
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Fig. 6.1: Prices and device sizes of capacitors with varying capacitance sorted by vendors, available at [132].
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Consequently, in order to reduce cost the output capacitor is aimed to be small, which, in turn, endangers

the target of a constant output voltage.

Further, this target can be achieved by usage of high bandwidth controls. This is possible within certain

limits in standard controls: the upper limit for the bandwidth is given by 1/5th of the converter switching

frequency in direct energy transfer converters, e.g. buck converters, and the upper limit is given by 1/3 of

the RHPZ in indirect energy transfer converters, e.g. boost converters, see Section 3.1.

The power consumption, the size, and the weight of electronic devices are aimed to become continuously

smaller, e.g. due to the increasing demand for lower CO2 emissions in cars [133]. As one major trend in

electronics, supply voltages decrease to lower values in order to support these goals. The power dissipation

of digital designs shrinks due to the lower voltages. This trend also applies to ICs and is shown in Fig. 6.2.

With smaller process technology nodes the supply voltages decrease. Consequently, the SMPS have to

provide smaller supply voltages. With smaller voltages also the allowed voltage deviations from the nominal

value become smaller [134]. Unfortunately, the output voltage deviations due to load transients stay constant

regardless of the nominal voltage. Consequently, for fulfilling the requirement of smaller output voltage

deviations solely the output capacitor can be chosen larger. Further, the load current gets constantly larger

due to more functionalities of the electronic devices and ICs, see also Section 2. This enlarged current range

leads to stronger load transients, which counteracts the target of small output voltage deviations [135].
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Fig. 6.2: Recent trend of supply voltages in ICs with shrinking process technology nodes, data based on
[136, 137].
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The challenges resulting from the described trends can be addressed by fast transient controls, which de-

viate from standard linear controls. These advanced, sophisticated controls can be realized efficiently by

digital control. This work focuses on fast transient controls for boost converters, as their upper band-

width limit is lower than in buck converters. Still, they require tight voltage regulation and fast recovery

from disturbances. This superior dynamic behavior is necessary in order to avoid abnormal operation of

portable devices [138], to support status changes between idle and active modes in portable devices [139],

to properly control the brightness of LEDs [84, 140], and to retain a stable power supply in automotive

environments [129].

In conclusion, small voltage deviations and short recovery times in case of disturbances can be provided by

large capacitors or large control bandwidths. The output capacitor is aimed to be small for cost, reliability

and device size reasons. Standard linear controls are limited in bandwidth. At the same time, shrinking

supply voltages increase the requirement for small voltage deviations significantly. Consequently, fast tran-

sient controls, deviating from standard linear controls, are required in order to enable small capacitors, short

recovery times, and small voltage deviations. Therefore, fast transient controls of prior art are reviewed and

discussed in Section 6.1. New control methods with low computational effort are proposed Section 6.2 and

Section 6.3.

6.1 Fast Transient Controls

There are multiple control concepts aiming to improve the transient behavior of SMPS compared to stan-

dard linear controls in prior art. There have been several attempts to improve the transient behavior in

analog controlled SMPS by hysteretic controls. Hysteretic control works properly for buck converters.

However, for boost converters only few hysteretic control concepts have been proposed [81–83]. Further-

more, adaptive control with variable analog compensation devices and new boost converter topologies have

been proposed [84–87]. These concepts, as well as the hysteretic concepts, improve the transient behavior

at the cost of greatly augmented circuit effort. Others propose techniques to improve the transient response

by adjusting compensation poles and zeros of the boost converter with analog control. In these concepts a

load transient is detected with a threshold detector monitoring the output voltage. The compensation poles

and zeros are modified with a variable compensation resistance and a variable compensation capacitance,

accordingly [84, 85].

There are multiple proposals for improved transient behavior with advanced digital control. This work

reviews and explains earlier presented control methods comprehensively and introduces new control meth-

ods. Finally, the improvement potential, the implementation effort, the stability, and the applicability of the

presented methods are evaluated.
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Nonlinear PID Control

A well-known method to improve the transient behavior of SMPS is nonlinear control [141–146]. Nonlinear

control improves the transient behavior by weighting the parts of the controller dependent on the control

deviation. This is typically done in a way, that for large control deviations the controller is able to counteract

fast, e.g. the crossover frequency is high. On the contrary, with low control deviations the controller is able

to accurately adjust the output voltage, i.e. the crossover frequency is low and an appropriate phase margin

ensures good steady-state stability, Fig. 6.3.

The reported nonlinear controllers are based on a PID (proportional-integral-derivative) control law. In

[141], the proportional, integral and derivative gains are modified in a very sophisticated manner. The

different controller gains are implemented such that there are no steps in their functions, which is important

for avoiding configuration transition problems. But the computational effort is high.

A simpler solution with three different controller configurations can decide according to the control devi-

ation, which controller configuration has to be used. Such an adaption scheme is shown in Fig. 6.3. As

the integrator slows down the controller, the controller configurations are chosen such that the integrator

is less dominant at larger control deviations. Hence, the controller gets faster, while the crossover fre-

quency increases with the control deviation. This is the reason, why the transient response is superior to a

conventional controller. The drawback is that the phase margin is close to instability, e.g. as low as 10◦.
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Fig. 6.3: P- and I-gain of a nonlinear controller.

In order to enable a comparison of the concepts proposed in this work to the nonlinear control, it is applied

to the boost converter used for experimental verification, see Section 6.3.4. The used nonlinear controller

adaption is aimed both to improve the transient behavior and to achieve low implementation effort. It has

a similar controller structure as shown in Fig. 6.9, see Section 6.2.2. Unlike Fig. 6.9, the configuration

selector decides based on the control deviation, which controller configuration has to be used. The non-

linear controller is composed of three configurations (A, D, and E), which differ in their integral part, see
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Fig. 6.3. Controller configurations D and E are designed to offer a good trade-off between speed and stability

(D: fc = 10kHz,ϕM = 30◦ and E: fc = 30kHz,ϕM = 10◦). The crossover frequency increases with the con-

trol deviation. This is the reason, why the transient response in case of a load transient is superior to a

conventional controller, see experimental results in Appendix C. As a drawback, the phase margin is close

to instability.

Time-Optimal and Minimum Deviation Control

The minimum deviation control is another well-known control method [91, 147, 148]. This control method

is derived from the time-optimal control method [83, 91, 147–157]. Time-optimal control methods aim

to counteract voltage deviations in optimum time, i.e. with the shortest recovery time possible. Thus,

small output voltage deviations in case of load transients are achieved. This works well in particular for

buck converters [83, 149–156]. In boost converters, a drawback of time-optimal control is, that, while the

inductor current increases, no charge is provided to the output capacitor. Consequently, a long switch on-

time (which is necessary in the time-optimal control approach), leads to a huge output voltage deviation.

The compensation of a load transient in boost converters can, therefore, not achieve both minimum recovery

time and minimum output voltage deviation due to the indirect energy transfer topology. Nevertheless, there

are time-optimal control solutions for boost converters [91, 147, 148, 157].

In contrast, minimum deviation control focuses on small output voltage deviations, whereas a short recovery

time is less important [91, 147]. [148] proposes a concept with a trade-off between minimum voltage devi-

ation and minimum recovery time. After a load transient, which disbalances the output capacitor charge,

time-optimal and minimum deviation controls try to balance the output capacitor charge in a very short

time. While the output capacitor charge is not balanced, an output voltage deviation is present.

A minimum deviation controller works as shown in principle in Fig. 6.4 in case of a low-to-high load

transient. After the load transient, the switch (Fig. 3.1) is immediately turned on, which increases the

inductor current, while no charge is brought to the output capacitor. Hence, the output voltage decreases

with a down slope proportional to the new load current. When the output voltage reaches a pre-calculated

maximum deviation voltage ∆Vmax, the switch is turned off again in order to stop the output voltage deviation

from further growing. Now, the inductor current starts decreasing, until it reaches an inductor current limit

Ith, which is set by the controller. This limit is slightly above the steady-state inductor valley current IL,SS,

since the present output voltage deviation needs to be counteracted. The steady-state inductor current is

estimated in the first instant after the load transient, see Fig. 6.4. The sequence is repeated until the output

capacitor charge is balanced.

Minimum deviation controllers have two different operation modes, a conventional controller for steady-
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Fig. 6.4: Output voltage Vout, inductor current IL, load current Iload, and operation ranges of the conventional
controller and the transient mode controller in minimum deviation control.

state operation and further, a transient mode controller for transient operation. The transient mode controller

is activated once the output voltage crosses a voltage threshold Vth,tm. As soon as the output voltage rises

above the voltage threshold Vth,tm again, the conventional controller re-starts working with an initial value.

This initial value is set to the steady-state value according to the estimated inductor current value IL,SS.

This may lead to transition effects, as the initial value is dependent on several quantities, (1) the new load

current Iload,new, which is estimated from the output voltage down slope dVout/dt and (2) the capacitor C,

(3) the inductor L, (4) the input voltage Vin, and (5) the duty cycle D. As this information is used within

the regulation process of the transient mode controller as well, the effectiveness of the regulation relies on

the exact knowledge of these quantities. Therefore, the parameter identification proposed in Section 5.3 is

useful and can be combined very well.

The transient mode controller must be able to optionally switch between peak current and valley current

mode control (depending on the load transient). Otherwise, the transient mode controller does not support

the regulation of both low to high load transients, and high to low load transients, respectively. Further,

the transient mode controller operates at variable switching frequency and does not support duty cycle

Page 110 of 190



6 Advanced Digital Controls

limitations. With duty cycle limitations the long switch on- or off-times, demanded by the transient mode

controller, are not feasible. This limits the use of the minimum deviation control method in a wide range of

practical applications.

Experimental results of the minimum deviation control are required for comparison to the control concepts

proposed in this work. However, due to application requirements (automotive in this case) the available

boost converter IC is not allowed to have variable switching frequencies, to switch between peak and valley

current mode control, and it operates with duty cycle limitations. Thus, for minimum deviation control,

simulation results are presented, see Appendix C. The simulation model uses the same converter parameters

for the analog-to-digital converter, and the digital-to-analog converter, but without the above mentioned

limitations.

6.2 Control with Adaption to the Right-Half-Plane Zero

As the control bandwidth of boost converters is limited by the RHPZ, as described in Section 3.1, an

adaption of the controller to the parameters (L, Vin, Iload), which define the RHPZ frequency, is valuable.

With such an adaption the controller can operate at higher bandwidths most of the operation time.

With the identification of the inductor value, shown in Section 5.3, an adaption of the controller is possible

to achieve superior dynamic behavior. Therefore, a plug and play unit can be formed, where the controller

adapts to any inductor applied by the customer. Also, while in operation, the controller can be optimized

with regard to the present inductance value.

Changing operation conditions, i.e. load and input voltage changes, can be compensated in order to optimize

the control bandwidth. This is especially helpful in systems with many loads. By smart management of the

loads in the system, the higher bandwidth can be utilized in order to achieve small voltage deviations. When

turning on several loads in a short time, it is beneficial to first turn on high current loads, as they lead to

high voltage deviations. The high bandwidth, that is allowed at the low loads, leads to an improved output

voltage regulation.

6.2.1 Variation of the Right-Half-Plane Zero

Influence of the Inductor

Figure 6.5 shows the varying frequency of the RHPZ, the maximum crossover frequency, and the worst-

case-design crossover frequency as a function of the inductor value, respectively. The maximum crossover
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frequency is given with respect to the rule given in Section 3.1. It must be smaller than 1/3 of the RHPZ fre-

quency. Conventional linear control circuits have an invariable controller configuration. The used inductor

may depend on the application. It underlies parameter variations due to production tolerances, temperature

effects, and aging, as discussed in Section 5.1. The controller must fit for the highest inductance, which is

the worst case. Thus, the resulting crossover frequency is constantly low.

Figure 6.5 indicates that the maximum allowed crossover frequency gets higher with decreasing induc-

tances. A controller modification, increasing the crossover frequencies and adjusting the phase margins

at lower inductances, would be possible. This is advantageous because the control circuit gets faster and

voltage over-/undershoots decrease. The adaptive approach proposed in Fig. 6.5 (on the right) provides

significant improvement potential compared to conventional designs.
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Fig. 6.5: Right-half-plane zero, maximum crossover frequency, and worst-case design crossover frequency
as a function of the inductance with plant parameters Rload = 20Ω, Vin = 4V and Vout = 6.3V.

This approach offers further potential for compensating aging effects. Typically, capacitor values become

lower over time, see Fig. 5.3. The smaller the capacitor value is, the higher the voltage deviations for the

same load steps become. Similarly, the inductor value decreases due to aging effects, as well. This, in

turn, allows for a higher crossover frequency, which can be used to compensate the higher output voltage

deviations.

For this controller modification the actual inductance needs to be known, which is obtained from the param-

eter identification proposed in Section 5.3.3.
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Influence of the Load

Figure 6.6 shows the varying frequency of the RHPZ, the maximum crossover frequency, and the worst-

case-design crossover frequency as a function of the load resistance. The invariable controller of conven-

tional linear control has to be designed for worst-case to be suitable for the lowest load resistance, which

corresponds to the lowest frequency. The resulting crossover frequency is unnecessarily low.
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Fig. 6.6: Right-half-plane zero, maximum crossover frequency, and worst-case design crossover frequency
as a function of the load resistance with plant parameters L = 20µH, Vin = 4V and Vout = 6.3V.

The maximum crossover frequency gets higher with increasing load resistances, Fig. 6.6. A controller mod-

ification increasing the crossover frequencies and adjusting the phase margins at higher load resistances

is possible. This is advantageous because the control circuit gets faster and voltage over-/undershoots de-

crease. Especially, in applications with a wide load range this adaption is very effective. The adaptive

approach, proposed in Fig. 6.6, provides significant improvement potential compared to conventional de-

signs. This approach is implemented in Section 6.2.2 and experimental results, shown in Section 6.2.3,

confirm its effectiveness. For this controller modification the recent load resistance needs to be known,

which can either be obtained from a measurement or be estimated. An accurate, lossless load identification

without additional measurement circuitry is proposed in Section 5.3.2.

Figure 6.7 indicates an additional drawback of conventional controls. It shows the crossover frequency

along with the phase margin for the boost converter with invariable controller configuration as a function of

the load resistance. The modest increase of approximately 1 kHz in the crossover frequency is due to the

variation of the plant, as a consequence of the load variation. The phase margin varies by approximately 30◦

in the shown range of load resistances. Both, the low crossover frequency and the unsuitable phase margin,

lead to slow transient responses and wide voltage over-/undershoots. Consequently, beyond the increase of
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crossover frequency, the adaptive approach proposed in this section is valuable, since the phase margin is

set appropriately.
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Fig. 6.7: Crossover frequency and phase margin of a conventional boost converter with invariable controller
as a function of the load resistance.

Influence of the Input Voltage

Figure 6.8 shows that the higher the input voltage is, the higher the crossover frequency fc can be chosen.

Although, the variation of the plant as consequence of rising input voltages leads to an increase of the

crossover frequency, inherently, an adaption to the input voltage allows for further increasing the crossover

frequency. Consequently, an adaption of controller coefficients to both the load resistance and the input

voltage allows for high crossover frequencies in a wide range of operating points. When combining the

information of Fig. 6.6 and Fig. 6.8, the crossover frequency can be doubled (from 3 kHz to 6 kHz) compared

to a conventional controller in more than 93 % of all operating points (3-6V input voltage and 5-40Ω load

resistance).

The technique is very attractive with an integrated input voltage measurement, which is either already

present [126, 127, 158, 159] or can be implemented with low effort [128].
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Fig. 6.8: Maximum crossover frequency as a function of the input voltage with plant parameters L = 20µH,
Rload = 20Ω and Vout = 6.3V.

6.2.2 Controller Adaption

Figure 6.9 shows a PI (proportional-integral) controller, which has the possibility to switch between three

different configurations (A, B, and C). A PI controller is well suitable for control of the boost converter with

current mode control, whose parameters are listed in Table 3.1.

z⁻¹
Integrator

SAT

z⁻¹

Config selection

CtrlOut

c2_A

c2_B

c2_C

c1_A

c1_B

c1_C

CtrlDev

Fig. 6.9: PI controller structure with three different controller configurations (A, B, and C), which share the
same integrator with anti-wind-up structure.

Equation (6.1) shows the standard PI control law for controller configuration A:

D(z) =
c1_A− c2_A · z−1

1− z−1 =
1.703−1.619 · z−1

1− z−1 (6.1)
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The gray part in Fig. 6.9 indicates the controller parts, which are placed in addition to a conventional

controller. The three different controller configurations share the same integrator. This saves hardware

effort and allows to change the controller configuration without pre-charging the integrator, which avoids

potential disturbances caused by inaccurate pre-charging. The controller coefficients are varied such that

for higher load resistances, on the one hand, the magnitude of the controller rises and, on the other hand,

a suitable phase boost at the crossover frequency is reached. For reasons of simplicity and low hardware

effort, a controller adaption with three different controller configurations (A, B, and C) is proposed. The

coefficients of controller B and C are c1_B = 19.223, c2_B = 18.626, c1_C = 27.756, and c2_C = 26.490,

respectively. The adaption technique is not necessarily limited to three configurations, more controller

configurations can lead to better control results.

Load Adaption

Figure 6.10 illustrates, which controller configuration is utilized across a given load range. Controller

configuration A, see Equation (6.1), is designed to fit for the maximum crossover frequency at 5Ω load

resistance (i.e. Iload=1.2 A), configuration B for 20Ω (i.e. Iload=300 mA), and configuration C for 40Ω

(i.e. Iload=150 mA).

5 10 15 20 25 30
Load resistance / Ω

35 40 45 50

Config A Config B Config C

Fig. 6.10: Choice of the controller configurations for different load resistances.

Table 6.1 shows the resulting crossover frequencies and phase margins for the different controller configu-

rations. The crossover frequencies of the adaptive controller rise for higher load resistances. They are more

than five times enlarged, compared to the boost converter with conventional controller. The phase margin,

in opposite to a conventional controller (Fig. 6.7), does not lag at high load resistances. It is adapted to 60◦,

which is typically desired in controls.

The simplicity of this modified controller allows an implementation in an IC, FPGA, digital signal processor

(DSP) or µC with low effort, with small additional chip area, and low power consumption due to its simple

and purely digital nature. As a result, the bandwidth is enlarged and the transient behavior of the converters

is effectively improved.
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Tab. 6.1: Resulting crossover frequencies fc and phase margins ϕM at different load resistances of the pro-
posed adaptive controller and of the conventional controller with configuration A.

Load Conventional Controller Adaptive Controller

5Ω A: fc = 3kHz / ϕM = 60◦ A: fc = 3kHz / ϕM = 60◦

20Ω A: fc = 4kHz / ϕM = 35◦ B: fc = 16kHz / ϕM = 55◦

40Ω A: fc = 4kHz / ϕM = 30◦ C: fc = 23kHz / ϕM = 55◦

Combined Input Voltage and Load Adaption

An adaption to the input voltage, comparable to the adaption to the load, shown in the previous subsection,

improves the dynamic behavior of the boost converter over a wide range of input voltages. However, an

adaption to both the load and the input voltage simultaneously is more rational, since the load current

information is available in a current mode controlled boost converter, anyway. The controller used for this

input voltage and load dependent adaptive control can be designed according to the controller shown in

Fig. 6.9. Figure 6.11 illustrates an exemplary adaption of the controller configuration to the load resistance

and the input voltage.

C
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ge
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Fig. 6.11: Controller configurations for different load resistances and input voltages.

This adaption results in crossover frequencies and phase margins, which are listed in Table 6.2. The con-

troller adaption mechanism enlarges the crossover frequency (more than six times) and further adjusts the

phase margin to approximately 60◦ over all operating points, which is recommended in control systems.

Consequently, output voltage deviations can be counteracted with up to six times smaller voltage devia-

tions.
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Tab. 6.2: Resulting crossover frequencies fc and phase margins ϕM at different load resistances and input
voltages of the proposed adaptive controller with configurations A, B and C and of the conven-
tional controller with configuration A.

Load, Vin Conventional Controller Adaptive Controller

5Ω, 3V A: fc = 2.5kHz / ϕM = 60◦ A: fc = 2.5kHz / ϕM = 60◦

10Ω, 4.5V A: fc = 4kHz / ϕM = 50◦ B: fc = 15kHz / ϕM = 60◦

22.5Ω, 4.5V A: fc = 4kHz / ϕM = 45◦ C: fc = 25kHz / ϕM = 55◦

6.2.3 Experimental Verification

The parameters of the boost converter used for the experimental verification are listed in Table 3.1, while the

experimental setup is shown Fig. 5.23. Further, the ADC and DAC parameters are shown in Table 6.3. All

measurement results are compared to a conventional controller (configuration A) which serves as reference.

Such a controller is invariable and worst-case designed for stable operation under all conditions.

Tab. 6.3: Parameters of the ADCs and the DAC.

Vout-Analog-to-Digital Converter

Architecture Delay Line

Output voltage resolution 20 mV

Sampling rate 500 kSps

Conversion time 90 ns

Digital-to-Analog Converter

Architecture R-2R

Resolution 12 mV

Conversion rate 500 kHz

Vin-Analog-to-Digital Converter

Architecture ∆Σ

Input voltage resolution 24 mV

Sampling rate 800 kSps

Conversion time 1.875 µs
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Load Adaption

Figures 6.12 and 6.13 show load transient responses of the conventional controller (configuration A) and

the proposed load dependent adaptive controller. The output voltage deviations are reduced by a factor of

two (and higher) in case of load transients at load resistances higher than 20Ω. Also, the recovery time is

reduced by a factor of 1.5 at high load resistances.

As only three controller configurations are used and the load is identified without additional circuitry, the

load adaptive control benefits from the very low overall effort and simplicity.
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Fig. 6.12: Load dependent adaptive control: Measurement of the output voltage response to a load transient
from 80Ω to 40Ω.
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Fig. 6.13: Load dependent adaptive control: Measurement of the output voltage response to a load transient
from 40Ω to 30Ω.
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Combined Input Voltage and Load Adaption

Figures 6.14 and 6.15 show load transient responses of a conventional controller (configuration A) and the

proposed load and input voltage dependent controller. The output voltage deviation at Vin = 5V is reduced

by a factor of about 1.9 in case of a load transient from 40Ω to 20Ω. The transient responses are greatly

improved over a wide range of operating points.
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Fig. 6.14: Load and input voltage dependent adaptive control: Measurement of the output voltage response
to a load transient from 40Ω to 20Ω at 5 V input voltage.
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Fig. 6.15: Load and input voltage dependent adaptive control: Measurement of the output voltage response
to a load transient from 22Ω to 12Ω at 5 V input voltage.

Both, the experimental results of the load adaptive control and the control with adaption to the load and

the input voltage show that significant improvement is achieved, although moderate resolution ADC and

DAC are used (the delay line ADC is operated in a low resolution mode for this section). Consequently, the

shown controls do not come with special system requirements.
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6.3 ∆V/∆t-Intervention Control

The adaptive control, proposed in the previous section, improves the transient behavior of boost converters

in a wide range of operating points, i.e. at low loads and high input voltages. This section introduces an

advanced control concept, which works independent from the converter operating points.

6.3.1 Motivation

There are plenty of control concepts, which improve the transient behavior of boost converters. Most

often, their controllers require fairly demanding computational algorithms, they rely on full flexibility of the

system (no inductor current limitations, no minimum switch on- and off-times,...), they cause configuration

or mode transition effects, and require high resolution ADCs for good control success [91, 141–148, 157,

160].

In this section a control concept is proposed, which addresses these drawbacks by a simple controller adap-

tion with low computational effort, and a continuously working standard controller, and a concept whose

control success is only relying on few parameters. Furthermore, the method can be applied to boost con-

verters with (1) limitation of the maximum duty cycle, e.g. for avoiding lossy operating points, for avoiding

subharmonic oscillations or for bootstrapping of a high-side switch gate driver, with (2) limitation of the

minimum duty cycle, e.g. for blanking of switching disturbances, with (3) limitation of the maximum in-

ductor current, e.g. for avoiding coil saturation or overheating, with (4) limitation of the minimum inductor

current, e.g. in an asynchronous topology, with (5) a ramp compensation preventing subharmonic oscilla-

tions, with (6) mandatory constant switching frequency, and with (7) subsequent load transients occurring

with very short time distance. Finally, the control does not interrupt the conventional controller operation.

As a consequence, steady-state stability is evaluated identically to a conventional control.

The controller output signal changes from a state S1 to another state S2 in case of a load transient in current

mode controlled boost converters, Fig. 6.16. Starting from the load transient until reaching state S2 sta-

tionary, a control deviation exists. Therefore, this time equals the recovery time in case of a load transient.

Despite the fact, that in boost converters both minimum recovery time and minimum output voltage devia-

tion cannot be obtained at the same time [160], an acceleration of the transition reduces both the recovery

time and the output voltage deviation in opposite to conventional control.

A superior transient performance is achieved when the controller output CtrlOut immediately changes from

state S1 to state S2. As the key idea of the proposed concept, the difference of the two states ∆CtrlOut =

CtrlOut2 −CtrlOut1 is added to the controller output signal, exactly in the moment a load transient is
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Fig. 6.16: Controller output transitions of a conventional controller and of a controller with the proposed
∆V/∆t-intervention in case of a load transient.

occurring. However, this is limited, because the moment the load transient happens and its intensity are not

predictable.

6.3.2 Derivation of the Proper Controller Intervention

In equilibrium state, Fig. 6.17(a), the average of the diode current ID,avg equals the load current Iload in a

boost converter and the average capacitor current IC,avg is zero. Once a load transient occurs, in the first

instant the additional load current ∆Iload is provided solely from the output capacitor. The average diode

current stays equal, as the bandwidth of the control is not high enough to instantly counteract the load

transient, because the RHPZ limits the bandwidth of the control of the boost converter. Thus, the duty cycle

remains equally in the beginning. This causes the output capacitor getting discharged by ∆Iload, Fig. 6.17(b).

By sampling the output voltage periodically once per switching cycle the output voltage derivation in case of

a load transient can be calculated, Fig. 6.18. Consequently, the difference in load ∆Iload can be determined:

∆Iload =
C ·∆Vout

∆t
(6.2)
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Fig. 6.17: Boost converter currents in (a) equilibrium state and (b) immediately after a load transient.

Due to the sampling theorem the switching related frequency parts of the signal are removed by sampling

once per switching period. This leads to a reliable calculation of the load difference with negligible inaccu-

racies resulting from (dis-)charging the output capacitor with the switching frequency or resulting from the

equivalent series resistance of the output capacitor, see the zoomed part of Fig. 6.18.

In Section 5 in (5.5), (5.6), and (5.7) the correlation of the load resistance, and consequently, of the load

current and the controller output signal for a current mode controlled boost converter is given, resulting in:

Rload =
Vout ·Rshunt

1−D
· 1
CtrlOut−A

(6.3)

Parameter A is defined in (5.7). By inserting Vout/Rload = Iload and rearranging (6.3), the controller output

signal CtrlOut can be calculated by:

CtrlOut =
Rshunt

1−D
· Iload +A (6.4)

The key idea of the concept is to add the calculated difference between state S1 and state S2 to the controller

output. Using (6.4), the state difference can be determined immediately after a load transient:

∆CtrlOut =CtrlOut2−CtrlOut1 =
Rshunt

1−D
·∆Iload (6.5)
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Fig. 6.18: Output voltage behavior in case of a load transient with zoom of the first instant after the load
transient.

By combining (6.5) and (6.2) the final equation for calculation of ∆CtrlOut can be derived:

∆CtrlOut =
Rshunt

1−D
·C ·∆Vout

∆t
(6.6)

Thus, ∆CtrlOut can be derived from known quantities and can be added to the controller output during

normal controller operation, resulting in improved transient performance. Hence, the ∆V/∆t-intervention

effectively counteracts load transients.

6.3.3 Controller Adaption

For the ∆V/∆t-intervention any controller can be used, for example a standard PI controller as shown in

Fig. 6.19. In this work, the coefficients for this controller are chosen according to the controller configura-

tion A given in (6.1).

The ∆CtrlOut is calculated based on the output voltage change over time, see (6.6), and fed into the inte-

grator as an additional input signal. In a practical realization, the output voltage change over time can be

determined in two different ways from the values of the output voltage ADC. It may be useful to rather

determine the change of the output voltage within a pre-defined number of samples, than counting the num-

ber of samples until reaching a pre-defined output voltage deviation. A settled number of samples avoids a
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Fig. 6.19: Standard PI controller with ∆V/∆t-intervention: The integrator has an additional input for the
calculated ∆CtrlOut.

division by a variable time, since the time is in the denominator of (6.6). Thereby, the implementation effort

is noticeably reduced in an FPGA, µC, or IC.

6.3.4 Experimental Verification

The parameters of the boost converter used for the experimental verification are equal to the parameters

given in Table 3.1. The experimental setup is depicted in Fig. 5.23 and the ADC and DAC parameters are

shown in Table 6.3.

Figures 6.20 and 6.21 present the transient improvements of the controller (configuration A) with ∆V/∆t-

intervention compared to the same controller (configuration A) without intervention. The load transients

are conducted with 20 ns step rise time. The output voltage deviations are lowered up to 2.8x. The recovery
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Fig. 6.20: ∆V/∆t-control: Measurement of the output voltage response to a load transient from 80Ω to 40Ω.
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times can be shortened by a factor of 1.8. The controller with ∆V/∆t-intervention shows improvements in

output voltage deviation and recovery time for any load transient. The controller with ∆V/∆t-intervention

breaks the bandwidth limitation brought by the RHPZ, but has the stability characteristics of a continuously

working controller with configuration A.
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Fig. 6.21: ∆V/∆t-control: Measurement of the output voltage response to a load transient from 40Ω to 20Ω.
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6.4 Comparison to Prior Art

In order to allow for a comparison of the proposed control concept with prior art also nonlinear control

and minimum deviation control (Section 6.1) were implemented in the available test setup of this work.

Measurement results for the nonlinear control, as well as simulation results for the minimum deviation

control, can be found in Appendix C. For the minimum deviation control no experimental results can be

presented, since the test setup does not support variable switching frequencies, optional usage of peak and

valley current mode control, and operation without duty cycle limitations, which is mandatory for this

control concept.

Dynamic Improvement

Table 6.4 shows a comparison of the proposed control methods regarding their transient improvements. The

controller with ∆V/∆t-intervention and the minimum deviation controller show the largest improvements in

voltage deviation and recovery time. The voltage deviations can be reduced by a factor of approximately 3,

which allows for downscaling the output capacitor by the same factor. Also, other control methods, namely

the nonlinear control and the minimum deviation control, improve the transient response in all operating

points.

Tab. 6.4: Comparison of the dynamic improvements regarding the voltage deviations and recovery time
with respect to a conventional controller.

Control Method Voltage Deviation Improvement Recovery Time Improvement

Nonlinear 220mV/110mV = 2.0 180 µs/110 µs = 1.6

Minimum Deviation 450mV/140mV = 3.2 200 µs/140 µs = 1.4

Load Adaptive 220mV/90mV = 2.4 180 µs/120 µs = 1.5

Load and Vin Adaptive 310mV/160mV = 1.9 180 µs/190 µs = 0.9

∆V/∆t-Intervention 220mV/80mV = 2.8 180 µs/100 µs = 1.8

Application Range and Requirements

Figure 6.22 shows a comparison of the implementation efforts for the different controllers in the FPGA.

In Xilinx FPGAs, the implementation effort is counted in number of look-up tables, which are used to

implement boolean functions or small memories. The load adaptive controller works with very low effort

(3566 look-up tables). The minimum-deviation controller uses 4776 look-up tables for its implementation.
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Fig. 6.22: Number of look-up tables used for the implementation of the different control methods.

Table 6.5 presents and compares further aspects of the different control methods. The column ’Relevant

Parameters’ refers to parameters used in the calculation formulas of the control methods, that are most

likely subject to variations. Minimum deviation control has the most dependencies, the input voltage Vin,

the output voltage resolution ∆Vout of the analog-to-digital converter, the inductor value L, and the capaci-

tor value C. Accurate knowledge of these quantities is of particular interest, as the stability of the control

depends on calculations based on these quantities. That is why [91] additionally proposes a self-tuning

procedure and a calibration routine during start up. In contrast, the conventional controller with ∆V/∆t-

intervention, which is dependent on the same parameters but the inductor value L, stability is not endan-

gered. The conventional controller itself ensures steady-state stability. In nonlinear control, variations of

plant parameters are critical, as there is a controller configuration, which is designed for high bandwidth, but

close to instability. This controller can easily loose stability with varying plant parameters. Load and input

voltage adaptive control are solely strongly dependent on the inductor value L, as an inaccurate inductance

Tab. 6.5: Comparison of application aspects.

Control System Relevant Mode / Configuration Dynamic

Method Requirements Parameters Transitions Stability

Nonlinear standard Vin, L, C configuration small ϕM

Minimum Deviation fsw variable Vin, ∆Vout, L, C mode ϕM n.a.

no duty limits

peak & valley CMC

Load Adaptive standard L configuration good ϕM

Load and Vin Adaptive Vin-ADC L configuration good ϕM

∆V/∆t-Intervention standard Vin, ∆Vout, C - good ϕM
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value distorts the load estimation used for control.

The column ’Transitions’ refers to configuration or mode transitions, which can be visible on the output

voltage during the regulation of load transients. Load (and input voltage) dependent adaptive control, non-

linear control and minimum deviation control face configuration or mode transitions. They can prolong the

output voltage recovery process. Minimum deviation control suffers from several limitations, e.g. variable

switching frequency, which is not feasible in many applications, and needs the highest number of look-up

tables for its implementation in a FPGA.

Load adaptive (and Vin) dependent controls are well suitable for low effort improvement in boost converters,

a combination of these controls with nonlinear control can optimize the dynamic improvement at almost no

additional cost.

The ∆V/∆t-intervention control provides a robust method for improving boost converters in various appli-

cations. The improvement potential is high without relying on too many parameters. In direct comparison

to minimum deviation controls, which also lead to very good transient improvements, it does not suffer

from any limitations regarding duty cycle or inductor current and it neither requires special system design

actions.
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7 Conclusion and Outlook

This chapter concludes the research presented in this work. In the end, an outlook is given, which describes

possibilities on how digitally controlled SMPS can be improved in future work.

7.1 Conclusion

Modern life is dominated by electronic devices, which can be found everywhere, e.g. in cars, laptop and

tablet computers, smartphones, TVs, and e-bikes. They are getting smart, connected, more powerful, and

smaller at the same time. This development creates challenges for the power supplies used in the electronic

devices. Load transients occur more often and are more heavy. Simultaneously, the voltage margins for

regulation shrink. Integrated switched-mode power supplies with digital control offer high functionality

and small solution size.

End-users demand for low-cost systems and many applications prefer plug and play solutions. Digitally

controlled SMPS show great potential to make these features available by utilizing variable controller co-

efficients. In cost-driven applications, chip area is required to be as small as possible. With shrinking

technology nodes, digital designs need smaller chip area and save cost. They offer good design porta-

bility and, thus, enable short development cycles and short time-to-market, which are essential for SMPS

product success. Cheap inductors and capacitors within the SMPS come along with large parameter varia-

tions. Parameter identification can handle these variations in digital systems in a comfortable way. External

components are expected to work reliably across a whole operating spectrum of temperature, vibration, or

even contaminations. A great advantage of digital implementations over analog control is that controller

full-integration without external passives is always achievable.

This work addresses the challenges of future SMPS by (1) the presentation of digital control loop designs

and implementations, operating with low latency, high resolution, and guaranteed monotonicity. Further,

the impact of parameter variations is reduced to a minimum by (2) the development of fast and goal-oriented

parameter identification concepts. Finally, innovative voltage supply with small output voltage deviations

and short recovery times is enabled by (3) robust and fast transient controls. The achievements of this work

regarding these three aspects are briefly summarized in the following.
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A digital control loop consists of an ADC, a digital controller, and a DPWM / DAC. For stable control,

low dead times in the control loop are mandatory. Large dead times reduce the phase of the control loop,

resulting in an under-damped or even unstable control. The quantization introduced through the ADC and

the DAC can lead to unwanted limit cycle oscillations (LCO). Non-monotonic ADC and DAC transfer

characteristics lead to oscillations, too. In conclusion, the ADC and the DAC are required to operate with

high sample rates, minimum conversion delay, monotonic transfer characteristics, and high resolution.

A Delta-Sigma ADC is optimized to 9.5 effective number of bits and a conversion time of 3 µs. This leads

to 10.8◦ negative phase shift in a control loop with 10 kHz crossover frequency. Thus, the presented Delta-

Sigma ADC is suitable for state-of-the art automotive boost converters with crossover frequencies up to

10 kHz.

Delay line ADCs stand out due to their excellent resolution and low latency. The presented delay line ADC

(6 bit, 9.5 MSps, 90 ns latency, 1.2 V dynamic operation range) enriches the standard window concept by a

live-tracking functionality, proposed in this work. The use of a live-tracking window ADC is recommended

when applying parameter identification during converter startup, as it tracks the output voltage over the

entire operation range. Further, it allows for spreading the number of bits over a small voltage range,

increasing the output voltage resolution without area or latency penalty. Thus, it enlarges the application

range of any window ADC to high-bandwidth converters with high output voltages.

A digital pulse-width modulator or a digital-to-analog converter makes the control command available to

the SMPS. DPWM is an appropriate solution for VMC converters. This work presents a 12 bit, zero latency,

and monotonic design. R-2R DACs qualify for use in digital control loops with either VMC or CMC due

to their small implementation effort and regular structure. A 10 bit, 1.33 MHz bandwidth DAC is designed

as part of this work. The resolution of an R-2R DACs is derived, which is achievable without loss of

monotonicity with regard to the matching properties of the technology.

A very high resolution DAC can be built with a charge pump architecture. The charge pump DAC of

this work offers 40x higher resolution and 4000x lower voltage drift compared to prior art. It guarantees

monotonicity and low conversion time, enabling high-bandwidth digital control, along with low steady-state

current consumption (20 µA). The charge pump DAC qualifies for use in applications with large output

voltages due to its high resolution in the order of 15 bits, which is necessary for accurate output voltage

regulation and for avoiding limit cycle oscillations.

An analog controlled boost converter of an automotive airbag application has relatively small compensation

devices (i.e. low resistances and capacitances). This enables a full-integration of the analog controller. In

comparison, the digital control, proposed in this work, can be fully-integrated with 2.5 times smaller chip

area, including the control loop components. A boost converter of an automotive power IC requires large

compensation device values used for the analog controller, which do not allow a full-integration, as they

would require too large chip area. In contrast, digital control solutions can be fully-integrated independent
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of the digital control coefficients. Consequently, a sensitive pin is eliminated, the footprint of the SMPS is

minimized, and reliability is improved.

Parameters in an SMPS underlie significant variations. Loads are turned on and off or the input voltage

changes, unpredictably. It is important for product success to rely on components with ensured availability

and small prices. Therefore, it is mandatory to allow for production tolerances, temperature dependencies,

and degradation of the passive devices in the SMPS. Consequently, it is required to deal with unpredictable

inductor and capacitor values. The variations of the load, the input voltage, inductance, and capacitance

change the behavior of the SMPS, fundamentally. Identification of the actual parameters adds degree of

freedom during design and enables new features like diagnostics and autotuning. Parameter identification

is beneficial for plug and play solutions, which allow to choose practically any inductor or capacitor for the

SMPS that meet the application, cost and quality requirements.

A proposed parameter identification concept for SMPS yields results within less than 85 µs in startup and

2 µs in operation, which is 12x (startup) / 7000x (in-operation) shorter than prior art. It concentrates on

the most influential parameters of the SMPS, namely the inductance, the capacitance and the load. The

inductance is identified with a maximum inaccuracy of 5 % and the capacitance with a maximum inaccu-

racy of 13 %, respectively. The inaccuracies result from the voltage and frequency characteristics of the

passives. Considering these characteristics, the identification is much more precise. During operation, the

output voltage perturbation is as low as ±0.4 % of the nominal value. In contrast to prior art, the presented

concept enables autotuning in current mode controlled converters and avoids a priori worst case crossover

frequency specification. As the values of the capacitance and inductance are actually determined, they can

be used for advanced control concepts (e.g. ∆V/∆t-intervention control, minimum deviation control, etc.),

whose control success strongly relies on these values.

Furthermore, this work proposes a load current identification, which runs without interruption of ongo-

ing operation. In contrast to prior art, there is no need for additional analog circuitry and it is lossless.

Measurement results show an identification with only 3 % maximum identification error.

Constant output voltages can be achieved easily with very high output capacitor values. But, they are

expensive and the device size is large. In modern applications, the allowed SMPS output voltage deviations

from the nominal value get smaller. At the same time, load currents get constantly larger due to an increased

number of functionalities. The enlarged current range leads to higher load transients and makes it more

difficult to reach the target of smaller output voltage deviations.

In boost converters and also in other indirect energy transfer converter topologies, a particular effect occurs,

which sets an upper limit to conventional control bandwidths. It is modeled by a right half plane zero and

impacts control stability. An adaption of the controller to the parameters defining the RHPZ frequency is

proposed. The control bandwidth is doubled in more than 93 % of all operating points in the presented boost
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converter when an adaption to the input voltage and the actual load is implemented. With only the adaption

to the actual load, the output voltage deviations can be reduced by a factor of 2.4 and the recovery time by

a factor of 1.5.

This work presents also a ∆V/∆t-intervention control concept, which is applicable to any standard controller.

The control does not interrupt conventional controller operation. Consequently, steady state stability is

identical to a conventional control. The voltage deviation is reduced by a factor of 2.8, which allows for

downscaling the output capacitor by the same factor. The improvement potential is high without relying on

too many parameters. The ∆V/∆t-intervention control does not suffer from any limitations regarding duty

cycle or inductor current and does not require particular system design actions.

In conclusion, this work meets the needs of small cost, high reliability, and high flexibility in electronics that

are driven by the rising number of features and functionalities and the grown complexity. They are addressed

by SMPS including innovative digital control loops, fast and goal-oriented parameter identifications, and

robust and fast transient controls.

7.2 Outlook and Future Work

In this work, the SMPS including the digital control loop is integrated in a 180 nm BCD technology. In

this technology area advantages apply compared to analog solutions. More benefits can be expected from

smaller technology nodes. The digital implementation will become even smaller and also the delay line

ADC and the DPWM / DAC will benefit in terms of chip area.

The delay line ADC is not yet fully optimized with regard to resolution, area and power consumption. The

live-tracking, proposed in this work, allows for reduction of the number of bits maintaining equal output

voltage resolution. Simulations show that the live-tracking delay line ADC still works properly with only

2.3 bits, i.e. five digital values (-2; -1; 0; 1; 2). Furthermore, area and power consumption of the ADC can

be reduced by abandoning the variability of the ADC, i.e. the choice between eight different sensitivities,

which was taken into account in the design of this work.

This work achieves a low overall control loop dead time of 242 ns (latency). This value opens up the

possibility to operate SMPS with crossover frequencies higher than 100 kHz. Consequently, the control

loop block designs are also suited for future SMPS with higher switching frequencies enabled by fast SiC

and GaN power switches.

The parameter identification presented in this work allows for identification of multiple parameters, i.e. the

inductance, the capacitance, and the load. Consequently, a control loop adaption to these parameters would

Page 134 of 190



7 Conclusion and Outlook

be achievable. Further work needs to find out, if a continuous controller adaption or an adaption with a fixed

number of controller configurations is most suitable.

More complex converter topologies, such as single ended primary inductance converter (SEPIC), Zeta con-

verters, and multiphase converters, are composed of more passive components than standard converter

topologies. In these topologies, the parameter variations of each single passive component add up. There-

fore, the unpredictable variation of the transfer behavior may be large. Consequently, the application of the

proposed parameter identification to these converters is of huge benefit and relaxes the design process.

The identification concept proposed in this work can be transferred to other applications, as for example

to smart cables, where it is relevant to know parameters as inductance, capacitance, and resistance. Also,

discrete inductors may benefit from a parameter identification.

While this work has concentrated on boost converters, an application of the proposed control concept with

adaption to the RHPZ brings advantages to other converter topologies with RHPZ, such as Cuk, SEPIC, and

flyback.

Adaptive voltage positioning helps to fully exploit the output voltage margin in an SMPS. Thus, the output

capacitor values can be chosen lower. In adaptive voltage positioning, the set point of the control is modified

according to the load situation. An implementation together with the presented load identification is simple

and does not require for a load current measurement.

With this work full-integration of an entire SMPS including inductor and output capacitor is one step closer.

Very large variations of the inductance are expected when integrating the inductor. They can be handled

with the proposed parameter identification. Further, the output capacitor has to be very small for integration,

which requires for ultra-fast controls, where the ∆V/∆t-intervention control together with a high bandwidth

standard controller (enabled by the shown control loop designs) represents a suitable control option.

Page 135 of 190





Bibliography

Bibliography

[1] S. S. Bill Briggs, Scott Buchholz, “Tech Trends 2019,” Deloite Insights, 2019.

[2] F. T. C. Expert Panel, “Top Tech Trends in 2019: 11 Experts Detail What You Need to

Watch,” 2018. [Online]. Available: https://www.forbes.com/sites/forbestechcouncil/2018/12/20/

top-tech-trends-in-2019-11-experts-detail-what-you-need-to-watch/#6bf2678c5ae8

[3] K. Kennedy, “Internet of Things Trends 2018,” 2018. [Online]. Available: https://blog.g2crowd.

com/blog/trends/internet-of-things/2018-iot/

[4] M. van Rijmenam, “The Top 7 Technology Trends for 2019,” 2018. [Online]. Avail-

able: https://vanrijmenam.nl/the-top-7-technology-trends-for-2019/?utm_source=datafloq&utm_

medium=ref&utm_campaign=datafloq

[5] J. Lee, E. Lapira, B. Bagheri, and H. an Kao, “Recent Advances and Trends in Predictive

Manufacturing Systems in Big Data Environment,” Manufacturing Letters, vol. 1, no. 1, pp. 38 – 41,

2013. [Online]. Available: http://www.sciencedirect.com/science/article/pii/S2213846313000114

[6] Futurezone/KN, “Es wird das Jahr der Fernseher: Diese Technik-Trends warten 2019

auf dich,” 2018. [Online]. Available: https://www.futurezone.de/digital-life/article215907709/

Von-5G-bis-Flugtaxis-Diese-Technik-Trends-kommen-2019-auf-uns-zu.html

[7] T. Hooper, “The 7 Biggest Trends and Challenges in the Electronics Manufac-

turing Industry in 2017,” 2018. [Online]. Available: https://www.pannam.com/blog/

top-trends-and-challenges-in-electronics-manufacturing/

[8] NASA, “Global Temperature,” 2019. [Online]. Available: https://climate.nasa.gov/vital-signs/

global-temperature/

[9] Markt und Technik, “IC-Bedarf im Fahrzeug wächst stärker als alle anderen

Märkte,” 2018. [Online]. Available: https://www.elektroniknet.de/markt-technik/automotive/

ic-bedarf-im-fahrzeug-waechst-staerker-als-alle-anderen-maerkten-156794.html

Page 137 of 190

https://www.forbes.com/sites/forbestechcouncil/2018/12/20/top-tech-trends-in-2019-11-experts-detail-what-you-need-to-watch/#6bf2678c5ae8
https://www.forbes.com/sites/forbestechcouncil/2018/12/20/top-tech-trends-in-2019-11-experts-detail-what-you-need-to-watch/#6bf2678c5ae8
https://blog.g2crowd.com/blog/trends/internet-of-things/2018-iot/
https://blog.g2crowd.com/blog/trends/internet-of-things/2018-iot/
https://vanrijmenam.nl/the-top-7-technology-trends-for-2019/?utm_source=datafloq&utm_medium=ref&utm_campaign=datafloq
https://vanrijmenam.nl/the-top-7-technology-trends-for-2019/?utm_source=datafloq&utm_medium=ref&utm_campaign=datafloq
http://www.sciencedirect.com/science/article/pii/S2213846313000114
https://www.futurezone.de/digital-life/article215907709/Von-5G-bis-Flugtaxis-Diese-Technik-Trends-kommen-2019-auf-uns-zu.html
https://www.futurezone.de/digital-life/article215907709/Von-5G-bis-Flugtaxis-Diese-Technik-Trends-kommen-2019-auf-uns-zu.html
https://www.pannam.com/blog/top-trends-and-challenges-in-electronics-manufacturing/
https://www.pannam.com/blog/top-trends-and-challenges-in-electronics-manufacturing/
https://climate.nasa.gov/vital-signs/global-temperature/
https://climate.nasa.gov/vital-signs/global-temperature/
https://www.elektroniknet.de/markt-technik/automotive/ic-bedarf-im-fahrzeug-waechst-staerker-als-alle-anderen-maerkten-156794.html
https://www.elektroniknet.de/markt-technik/automotive/ic-bedarf-im-fahrzeug-waechst-staerker-als-alle-anderen-maerkten-156794.html


Bibliography

[10] A. S. Mutschler, “Cracking The Auto IC Market,” 2018. [Online]. Available: http:

//semiengineering.com/cracking-the-auto-ic-market/

[11] R. V. White, “What’s Next?” IEEE Power Electronics Magazine, 2018.

[12] S. Quenzer-Hohmuth, S. Ritzmann, T. Rosahl, and B. Wicht, “A Boost Converter with 3-6V Input

and Fast Transient Digital Control Comprising a 90 ns-Latency Live-Tracking Window ADC,” in

Proc. ESSCIRC 2018 - IEEE 44th European Solid State Circuits Conf. (ESSCIRC), Sept. 2018, pp.

130–133.

[13] L. Corradini, P. Mattavelli, and D. Maksimovic, “Robust Relay-Feedback Based Autotuning for DC-

DC Converters,” in Proc. IEEE Power Electronics Specialists Conf, June 2007, pp. 2196–2202.

[14] J. Morroni, R. Zane, and D. Maksimovic, “Design and Implementation of an Adaptive Tuning System

Based on Desired Phase Margin for Digitally Controlled DC –DC Converters,” IEEE Transactions

on Power Electronics, vol. 24, no. 2, pp. 559–564, Feb. 2009.

[15] L. Corradini, P. Mattavelli, W. Stefanutti, and S. Saggini, “Simplified Model Reference-Based Auto-

tuning for Digitally Controlled SMPS,” IEEE Transactions on Power Electronics, vol. 23, no. 4, pp.

1956–1963, July 2008.

[16] S. Quenzer-Hohmuth, J. Messner, S. Ritzmann, T. Rosahl, and B. Wicht, “Accelerated Low Gate

Count Parameter Identification for Integrated Switched-Mode Power Supplies with Digital Control,”

in Proc. IEEE Applied Power Electronics Conf. and Exposition (APEC), 2019, pp. 2952–2956.

[17] S. Quenzer-Hohmuth, S. Ritzmann, T. Rosahl, and B. Wicht, “Boost Converter with Load Depen-

dent Adaptive Controller for Improved Transient Response,” in Proc. 12th Conf. Ph.D. Research in

Microelectronics and Electronics (PRIME), June 2016, pp. 1–4.

[18] ——, “∆V/ ∆t-Intervention Control Concept for Improved Transient Response in Digitally Con-

trolled Boost Converters,” in Proc. IEEE Applied Power Electronics Conf. and Exposition (APEC),

Mar. 2018, pp. 316–322.

[19] M. Forouzesh, Y. P. Siwakoti, S. A. Gorji, F. Blaabjerg, and B. Lehman, “Step-Up DC–DC Con-

verters: A Comprehensive Review of Voltage-Boosting Techniques, Topologies, and Applications,”

IEEE Transactions on Power Electronics, vol. 32, no. 12, pp. 9143–9178, Dec. 2017.

[20] D. Knight, “Buck Converters and Their Cool Applications,” 2015. [Online]. Available:

https://www.allaboutcircuits.com/technical-articles/buck-converters-and-their-cool-applications/

[21] B. Matas, “Automotive IC Market on Pace for Third Consecutive Record Growth Year,” Research

Bullentin, 2018.

Page 138 of 190

http://semiengineering.com/cracking-the-auto-ic-market/
http://semiengineering.com/cracking-the-auto-ic-market/
https://www.allaboutcircuits.com/technical-articles/buck-converters-and-their-cool-applications/


Bibliography

[22] B. Deutschmann and G. Winkler, “Introduction to Robust Automotive IC Design and Electromag-

netic Compatibility of ICs,” in Tutorial Automotive Design, 9 2018, pp. 1–42.

[23] Statista, “Number of Electric Bicycles Sold in the European Union (EU) from

2006 to 2016,” 2019. [Online]. Available: https://www.statista.com/statistics/397765/

electric-bicycle-sales-in-the-european-union-eu/

[24] F. Stix, “Test Bosch eBike ABS – Sicherheitsfeature oder technische Spielerei?” 2018. [Online].

Available: https://ebike-mtb.com/bosch-ebike-abs-test/

[25] Maksimovic, Zane, and Erickson, “Impact of Digital Control in Power Electronics,” in Proc. 16th

Int. Symp. Power Semiconductor Devices and ICs 2004, May 2004, pp. 13–22.

[26] C. Edwards, “As Process Technologies Shrink, the Problems for Analogue Designers Grow in

Complexity,” 2014. [Online]. Available: http://www.newelectronics.co.uk/electronics-technology/

as-process-technologies-shrink-the-problems-for-analogue-designers-grow-in-complexity/65843/

[27] C. Urban, “Process Scaling Has Not Been Kind to Analog Circuits,” 2017. [Online]. Available: https:

//www.intrinsix.com/blog/semiconductor-process-scaling-has-not-been-kind-to-analog-circuits

[28] O. Trescases, , H. Nishio, M. Edo, and T. Kawashima, “A Digitally Controlled DC-DC Converter

Module with a Segmented Output Stage for Optimized Efficiency,” in Proc. IEEE Int. Symp. Power

Semiconductor Devices and IC’s, June 2006, pp. 1–4.

[29] S. Angkititrakul and H. Hu, “Design and Analysis of Buck Converter with Pulse-Skipping Modula-

tion,” in Proc. IEEE Power Electronics Specialists Conf, June 2008, pp. 1151–1156.

[30] J. A. Abu Qahouq and V. Arikatla, “Power Converter with Digital Sensorless Adaptive Voltage Posi-

tioning Control Scheme,” IEEE Transactions on Industrial Electronics, vol. 58, no. 9, pp. 4105–4116,

Sept. 2011.

[31] S. Saggini, M. Ghioni, and A. Geraci, “An Innovative Digital Control Architecture for Low-Voltage,

High-Current DC-DC Converters with Tight Voltage Regulation,” IEEE Transactions on Power Elec-

tronics, vol. 19, no. 1, pp. 210–218, Jan. 2004.

[32] R. B. Ridley, “A New, Continuous-Time Model for Current-Mode Control (Power Convertors),”

IEEE Transactions on Power Electronics, vol. 6, no. 2, pp. 271–280, Apr. 1991.

[33] V. Vorperian, “Simplified Analysis of PWM Converters Using Model of PWM Switch: Continuous

Conduction Mode,” IEEE Transactions on Aerospace and Electronic Systems, vol. 26, no. 3, pp.

490–496, May 1990.

Page 139 of 190

https://www.statista.com/statistics/397765/electric-bicycle-sales-in-the-european-union-eu/
https://www.statista.com/statistics/397765/electric-bicycle-sales-in-the-european-union-eu/
https://ebike-mtb.com/bosch-ebike-abs-test/
http://www.newelectronics.co.uk/electronics-technology/as-process-technologies-shrink-the-problems-for-analogue-designers-grow-in-complexity/65843/
http://www.newelectronics.co.uk/electronics-technology/as-process-technologies-shrink-the-problems-for-analogue-designers-grow-in-complexity/65843/
https://www.intrinsix.com/blog/semiconductor-process-scaling-has-not-been-kind-to-analog-circuits
https://www.intrinsix.com/blog/semiconductor-process-scaling-has-not-been-kind-to-analog-circuits


Bibliography

[34] A. V. Peterchev and S. R. Sanders, “Quantization Resolution and Limit Cycling in Digitally Con-

trolled PWM Converters,” IEEE Transactions on Power Electronics, vol. 18, no. 1, pp. 301–308, Jan.

2003.

[35] ——, “Quantization Resolution and Limit Cycling in Digitally Controlled PWM Converters,” in

Proc. IEEE 32nd Annual Power Electronics Specialists Conf. (IEEE Cat. No.01CH37230), vol. 2,

2001, pp. 465–471 vol.2.
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[83] Z. Zhao and A. Prodić, “Continuous-Time Digital Controller for High-Frequency DC-DC Convert-

ers,” IEEE Transactions on Power Electronics, vol. 23, no. 2, pp. 564–573, Mar. 2008.

[84] J. Tsai, C. Chen, Y. Lee, H. Yang, M. Hsu, and K. Chen, “Modified Hysteretic Current Control

(MHCC) for Improving Transient Response of Boost Converter,” IEEE Transactions on Circuits and

Systems I: Regular Papers, vol. 58, no. 8, pp. 1967–1979, Aug. 2011.

[85] Y. Lee, S. Huang, S. Wang, and K. Chen, “Fast Transient (FT) Technique With Adaptive Phase

Margin (APM) for Current Mode DC-DC Buck Converters,” IEEE Transactions on Very Large Scale

Integration (VLSI) Systems, vol. 20, no. 10, pp. 1781–1793, Oct. 2012.

[86] O. Kumar, P. S. Shenoy, P. T. Krein, and S. Kapat, “Augmented Boost Converter for Near Null-Load

Transient Response,” in Proc. IEEE Power and Energy Conf. at Illinois, Feb. 2011, pp. 1–6.

[87] J. M. Galvez, M. Ordonez, F. Luchino, and J. E. Quaicoe, “Improvements in Boundary Control of

Boost Converters Using the Natural Switching Surface,” IEEE Transactions on Power Electronics,

vol. 26, no. 11, pp. 3367–3376, Nov. 2011.

[88] S. Quenzer-Hohmuth, T. Rosahl, S. Ritzmann, and B. Wicht, “Challenges and Implementation

Aspects of Switched-Mode Power Supplies with Digital Control for Automotive Applications,”

Page 144 of 190



Bibliography

Advances in Radio Science, vol. 14, pp. 85–90, 2016. [Online]. Available: https://www.

adv-radio-sci.net/14/85/2016/

[89] Farnell, “Capacitors available at Farnell online distributor with different production tolerances

(Kemet 10µF-capacitors, 25v, 1206, X7R),” 2018. [Online]. Available: www.farnell.com

[90] Digikey, “10µF-Capacitors and 22µH-inductors available at Digi-Key online distributor with

different production tolerances,” 2018. [Online]. Available: https://www.digikey.de/
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troller with Multiple Parameter Estimation and Thermal Stress Equalization,” IEEE Transactions on

Power Electronics, vol. 26, no. 12, pp. 3948–3963, Dec. 2011.

[104] B. Miao, R. Zane, and D. Maksimovic, “A Modified Cross-Correlation Method for System Identi-

fication of Power Converters with Digital Control,” in Proc. IEEE 35th Annual Power Electronics

Specialists Conf. (IEEE Cat. No.04CH37551), vol. 5, June 2004, pp. 3728–3733 Vol.5.

[105] ——, “System Identification of Power Converters with Digital Control Through Cross-Correlation

Methods,” IEEE Transactions on Power Electronics, vol. 20, no. 5, pp. 1093–1099, Sept. 2005.

[106] ——, “Practical On-Line Identification of Power Converter Dynamic Responses,” in Proc. APEC

2005. Twentieth Annual IEEE Applied Power Electronics Conf. and Exposition, vol. 1, Mar. 2005,

pp. 57–62 Vol. 1.

[107] ——, “Automated Digital Controller Design for Switching Converters,” in Proc. IEEE 36th Power

Electronics Specialists Conf, June 2005, pp. 2729–2735.

[108] M. Shirazi, R. Zane, D. Maksimovic, L. Corradini, and P. Mattavelli, “Autotuning Techniques for

Digitally-Controlled Point-of-Load Converters with Wide Range of Capacitive Loads,” in Proc.

APEC 07 - Twenty-Second Annual IEEE Applied Power Electronics Conf. and Exposition, Feb. 2007,

pp. 14–20.

[109] M. Shirazi, J. Morroni, A. Dolgov, R. Zane, and D. Maksimovic, “Integration of Frequency Response

Measurement Capabilities in Digital Controllers for DC –DC Converters,” IEEE Transactions on

Power Electronics, vol. 23, no. 5, pp. 2524–2535, Sept. 2008.

Page 146 of 190



Bibliography

[110] M. Shirazi, R. Zane, and D. Maksimovic, “An Autotuning Digital Controller for DC –DC Power

Converters Based on Online Frequency-Response Measurement,” IEEE Transactions on Power Elec-

tronics, vol. 24, no. 11, pp. 2578–2588, Nov. 2009.

[111] A. Barkley and E. Santi, “Improved Online Identification of a DC –DC Converter and its Control

Loop Gain Using Cross-Correlation Methods,” IEEE Transactions on Power Electronics, vol. 24,

no. 8, pp. 2021–2031, Aug. 2009.

[112] W. Stefanutti, P. Mattavelli, S. Saggini, and M. Ghioni, “A PID Autotuning Method for Digitally

Controlled DC-DC Boost Converters,” in Proc. European Conf. Power Electronics and Applications,

Sept. 2005, pp. 10 pp.–P.10.

[113] ——, “Autotuning of Digitally Controlled Buck Converters Based on Relay Feedback,” in Proc.

IEEE 36th Power Electronics Specialists Conf, June 2005, pp. 2140–2145.

[114] ——, “Autotuning of Digitally Controlled DC-DC Converters Based on Relay Feedback,” IEEE

Transactions on Power Electronics, vol. 22, no. 1, pp. 199–207, Jan. 2007.

[115] Z. Zhao, H. Li, A. Feizmohammadi, and A. Prodić, “Limit-Cycle Based Auto-Tuning System for
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Appendix

A Buck Converter Fundamentals

In addition to the boost converter fundamentals, this appendix shows the fundamentals for buck converters.

The purpose of a buck converter is to convert a DC input voltage Vin into a lower DC output voltage Vout.

In order to realize this voltage conversion the circuit shown in A.1 is used. The main circuit components

are a switch S, a diode D, an inductor L and a capacitor C. The output voltage Vout is used to supply a load,

modeled by the resistance Rload.

Rload

L

VoutC

S

Vin

D

vL

iL

iS

iD

iload

iC

Fig. A.1: Buck converter topology.

Inductor Current and Input to Output Transfer Function

The behavior of the inductor L can be described by the following equation, where VL is the voltage difference

between the two inductor ports:

VL = L · diL
dt

(7.1)

Voltage conversion is achieved by controlling the switch S and thus VL. When S is turned on equation (7.1)

changes to (7.2), because L is directly connected to Vin and Vout. When S is turned off the input voltage
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source is disconnected from the inductor and the diode becomes conductive. Assuming an ideal diode the

following equation is obtained:

Vin−Vout = L · diL
dt

(7.2)

−Vout = L · diL
dt

(7.3)

With turned on switch, the current iL increases, because L is constant and Vin is greater than Vout by definition

in the buck converter. Otherwise, when the switch is off, VL is negative and iL continuously decreases,

assuming that the inductor current does not reach zero. This operation mode is called continuous conduction

mode.

Vin and Vout are DC voltages, so the current-time differential is constant in both (7.2) and (7.3). Thus, the

inductor current is triangle-shaped when the converter is in steady state. The absolute difference between

the maximum and the minimum current value is called ∆I. Let the on-time of S be ton and the off-time be

toff. Equations (7.2) and (7.3) result in equations (7.4) and (7.5), respectively.

Vin−Vout = L · ∆I
ton

(7.4)

−Vout = L · −∆I
toff

(7.5)

Figure A.2 displays the described characteristics.

The switching period Tsw, the switching frequency fsw and the duty cycle D are defined as:

Tsw = ton + toff =
1

fsw
(7.6)

D =
ton

Tsw
(7.7)

With equations (7.4)-(7.7) the steady-state input to output transfer function of the buck converter in continuous

conduction mode (CCM) can be derived:
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Fig. A.2: Buck converter waveforms.

Vout

Vin
= D (7.8)

Control-to-Output Transfer Function

In order to investigate the behavior of a SMPS in a control loop it is required to know the control to output

transfer function of the respective converter. The control to output transfer function describes the output of

a system when stimulated at its control input. In case of SMPS the control input is the switch S and the

output is the output voltage Vout.

In addition to the parameter definitions given in Section 3.1 the following definitions are needed here: Se is

the artificial compensation ramp slope and Sn is the inductor on-slope, both in amperes per second. Vcomp,pp

is the compensation ramp peak-to-peak voltage in volts. In all transfer functions the angular frequency ω is

used, as is usual in the Laplace transform (s = jω). The switching frequency and root frequencies etc. are

given as frequency f . The conversion formula of those symbols is ω = 2π f .

The following control to output transfer function for the buck converter (7.9) models the behavior of the

buck converter for frequencies up to fsw/2 and considers all major influencing parameters of the converter.

The ESR of the inductor RL and the on-resistance of the switch RDS,on are not modeled. However, models

that consider those parameters, such as in [161], show that they have no significant influence on the transfer

function of the buck converter.
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T (s) =
RLoad

Rshunt
· 1

1+
RLoadTsw

L
· (mc · (1−D)−0.5)︸ ︷︷ ︸

K

·
1+

s
ωz1

1+
s

ωp1︸ ︷︷ ︸
z1 & p1

· 1

1+
s

ωnQp
+

s2

ω2
n︸ ︷︷ ︸

p2 & p3

(7.9)

with

ωz1 =
1

RCC
mc = 1+

Se

Sn

ωp1 =
1

RLoadC
+

Tsw

LC
[mc · (1−D)−0.5] Se =

fswVcomp,pp

Rshunt

ωn =
π

Tsw
Sn =

Vin−Vout

L

Qp =
1

π (mc · (1−D)−0.5)

In this work the nominal parameters of the buck converter are as follows: Vin = 14V , Vout = 6V , fsw = 500kHz,

Tsw = 2µs, Vcomp,pp = 300mV , Rshunt = 500mΩ, L = 20 µH, C = 20 µF , RC = 25mΩ and RLoad = 20Ω.

Calculating the frequencies of the roots results in

fz1 = 318kHz

fp1 = 800Hz

fp2 = 250kHz

fp3 = 250kHz

Figure A.3 shows the bode diagram resulting from the control to output transfer function shown in (7.9).

The pole frequencies are marked with x. The zero frequency lays outside the modeled frequency range

( fz1 > fsw/2) and is therefore not shown in this diagram.

p1 is the dominant pole of the system and also p2 and p3 have essential influence especially on the phase

behavior for higher frequencies. The zero z1 has only low impact on the transfer function in the shown

frequency range. These insights will help to evaluate the influence of different circuit components in later

chapters.
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Fig. A.3: Bode plot of a buck converter.

B Parameter Identification

B.1 Identification Strategy in Buck Converters

This appendix derives that also for the buck converter the load, the inductor, and the capacitor are the

relevant parameters for identification.

Relevant Parameters

The inductance L, its equivalent series resistance RL, the capacitance C, its equivalent series resistance RC

and the load resistance RLoad underlie great variations. With the aid of bode diagrams the influence of

individual parameter variations on the control-to-output transfer function T are evaluated. Figures B.4-B.6

show bode plots. In each plot one parameter is subject to variation, all other parameters have nominal

values. In order to cover a broad variation range, three bode plots are shown for each parameter: p = pnom,

p = pnom ·4 and p = pnom/4, where p is the respective parameter and pnom is its nominal value.

In a buck converter the crossover frequency fc is usually chosen lower than fsw/5. In this work the switching

frequency fsw equals 500 kHz and hence, the maximum crossover frequency fc,max is 100 kHz. The bode

plots are investigated in the frequency range of fc,max and lower. In Figs. B.4-B.6 the relevant frequency

range is shaded in gray.
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Figure B.4 shows that a variation of the inductance L leads to changes of magnitude and phase in the shaded

frequency range. The ESR of the inductance RL does not influence the transfer function.
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Fig. B.4: Bode plot of CMC buck converter control-to-output transfer function for nominal parameters
(solid line) and for a deviation of the inductance L (a) and the ESR RL (b) by a factor of 4 (dashed
line) and 1/4 (dotted line), respectively.

Figure B.5 shows that variation of the capacitance C leads to deviations of magnitude and phase in the

observed frequency range. The mainly positive phase rotation resulting from RC variation is neglected, as

this work aims to decrease the hardware effort as much as possible. This is well acceptable as positive phase

rotations are irrelevant for control loop stability and bandwidth.
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Fig. B.5: Bode plot of CMC buck converter control-to-output transfer function for nominal parameters
(solid line) and for a deviation of the capacitance C (a) and the ESR RC (b) by a factor of 4
(dashed line) and 1/4 (dotted line), respectively.
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In Fig. B.6 it is shown that the load resistance has only minor influence on the magnitude in the valid

frequency range. However, in the area of 1 kHz to 10 kHz the phase is clearly influenced by variation of the

load resistance.
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Fig. B.6: Bode plot of CMC buck converter control-to-output transfer function for nominal parameters
(solid line) and for a deviation of the load resistance RLoad by a factor of 4 (dashed line) and
1/4 (dotted line), respectively.

Table B.1 summarizes the influence of each investigated parameter on magnitude and phase in the valid

frequency range. A ’+’ denotes that a parameter has a relevant impact on T and a ’–’ indicates that a

parameter has only minor or no influence.

Tab. B.1: Influence of parameters on the buck converter control-to-output transfer function.

Parameter L C RL RC RLoad

Influence on magnitude |T (s)| + + – – –

Influence on phase ∠T (s) + + – – +

The inductance L, the capacitance C and the load resistance RLoad are the most influential parameters of a

CMC buck converter in the region of the crossover frequency fc.

Pulsed Startup Identification

In the initial state of a buck converter the inductor current iL is equal to 0 A. The inductance can be identified

by ramping up the inductor current to the inductor peak current IL,peak, specified by the digital controller. At

first, a defined peak current value IL,peak is set at the controller output, followed by turning on the switch.
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Fig. B.7: Switch state S, inductor current iL and output voltage vout during buck converter startup identifi-
cation.

When the inductor current reaches IL,peak the switch is turned off. Figure B.7 shows the described current

ramp-up from zero current at t = t1 to IL,peak at t = t2.

In order to identify the inductance, the on-period of the switch has to be measured. The calculation of the

inductance value follows the basic inductor equation (7.1). Solving the equation for L and applying the

actual values for vL, diL and dt leads to:

L =
Vin

IL,peak
· ton (7.10)

The identification can be improved by a second inductor current ramp-up compensating offset errors, as

shown in Fig. B.7. Therefore, the identification equation changes according to the boost converter identifi-

cation shown in Section 5.3.1.

For calculation of the capacitance also the inductor current ramp-up can be used. Since the inductor current

always flows towards the capacitor if there is no considerable load current, the total charge flowing onto the

capacitor QC can be calculated with:

QC =
IL,peak

2
· (tmax− t1) (7.11)
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Measuring the output voltage Vout,max at the time when the inductor current reaches 0 A, i.e. when the output

voltage reaches its maximum value, the capacitance can be calculated by:

C =
IL,peak

2 ·Vout,max
· (tmax− t1) (7.12)

The described inductor current and output voltage behavior can be seen in Fig. B.7 above.

B.2 Analysis of the Application Range - Load Identification

The on-time ton is measured with digital counters that are based on a digital system clock fclk = 1/Tclk and

thus have a finite resolution. Consequently, the maximum on-time measurement error is Tclk/2, as the actual

time may be longer or shorter by Tclk/2 than the measured time. The time measurement inaccuracy results

in a load current identification inaccuracy. In the Appendix B.2, this inaccuracy is displayed for different

values of the load current to be identified, the present input voltage and the inductance, in Fig. B.8. All

other parameters are kept at their nominal values. The graph show that the time measurement inaccuracies

only cause approximately 1 % or less error in all operating points and can hence be neglected.
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Fig. B.8: Relative Iload identification inaccuracy caused by a maximum 8 ns time measurement inaccuracy
( fclk = 62.5MHz) (a) as function of the absolute Iload and L with Vin = 3V and (b) as function of
the absolute Iload and Vin with L = 20µH.

B.3 Linear Regression Algorithm for Output Voltage Slope Measurement

Conventional ADCs in digital control of SMPS usually operate with limited resolution, sampling once per

converter switching period. Higher sampling rates can be achieved with the delay line ADC proposed in this

work. For the output capacitor identification the slope of the output voltage within one converter switching
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cycle has to be determined, see Section 5.3.3. With a sufficient amount of samples a linear regression

algorithm helps improving the accuracy of the dVout/dt measurement.

During the linear voltage decrease the ADC samples the output voltage Vout with its maximum sampling

rate and collects as much samples as possible. The recorded samples are forwarded to a linear regression

algorithm. In linear regression a linear equation is estimated from a number of data points using the method

of least squares. In this case only the slope m of the linear equation is of interest. The slope can be calculated

with:

m =

n ·
n
∑

i=1
xiyi−

n
∑

i=1
xi ·

n
∑

i=1
yi

n ·
n
∑

i=1
x2

i −
(

n
∑

i=1
xi

)2 (7.13)

xi are the time points of the ADC samples. If linear regression is performed with fixed time samples (7.13)

can be simplified to:

m = a1 ·
n

∑
i=1

xiyi +a2 ·
n

∑
i=1

yi (7.14)

with

a1 =
n

n ·
n
∑

i=1
x2

i −
(

n
∑

i=1
xi

)2 = const. (7.15)

a2 =

−
n
∑

i=1
xi

n ·
n
∑

i=1
x2

i −
(

n
∑

i=1
xi

)2 = const. (7.16)

In case of n data points (7.14) can be calculated using only 2n+1 summations and n+2 multiplications.

The result m of (7.14) is a good estimate of the voltage-time derivate dVout/dt. With dVout/dt and Iload the

capacitance C can be calculated according to Eq. (5.15).

The voltage-time derivative dVout/dt is calculated with the linear regression Eq. (7.13). The error of the

linear regression equation is dependent on the number of samples n and the number of distinct samples d.

For several combinations of n and d more than 100,000 different linear equations are generated, digitized
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and inserted into the linear regression equation. Then, the output of the linear regression is compared to the

actual slope and the error is determined.

In Fig. B.9 six histograms are shown. They show the relative density D of how often a certain calculation

error occurred in the 100,000 test cases. For instance, Fig. B.9(a) shows that in case of a linear regression

with eight samples and three distinct samples a calculation error of 0 %-2 % occurred in around 7 % of all

test cases. Additionally, it is stated how many of the test cases lay in the window of ±5% error (p±5%) and

in the window of ±10% error (p±10%).
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(e) n=8 and d=5 (f) n=16 and d=5

(d) n=16 and d=4

(b) n=16 and d=3

Fig. B.9: Error distribution for different combinations of number of samples n and number of distinct sam-
ples d.

The linear regression equation yields a low error for a large number of samples n and for a large number

of distinct samples d. The number of samples n can be increased if the ADC sampling rate is increased or

if the switch is forced to stay on for a longer time, e. g. two switching cycles. A large number of distinct

samples is obtained if the load current is high and hence the voltage-time derivative is large and/or if the

ADC resolution is high. When the switch is forced to stay on for two switching cycles (n = 16) and four

distinct samples are recorded a calculation error of less than 10 % is expected.
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B.4 Inductor and Capacitor Reference Measurements

Table B.2 shows the inductances measured with the help of an impedance analyzer. The inductors are

examined at f = fc = 10kHz and at f = fsw = 500kHz.

Table B.3 shows the inductances measured with the help of an impedance analyzer. The inductors are

examined at different excitation frequencies and with different bias voltages.

C Experimental Verification of Fast Transient Controls

C.1 Nonlinear Control

Figures C.10 and C.11 show load transient responses of the conventional controller (configuration A) and

the nonlinear controller. The output voltage deviations are reduced by up to a factor of 2 in case of load

transients. Also, the recovery time is reduced by a factor of 1.6.
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Fig. C.10: Nonlinear control: Measurement of the output voltage response to a load transient from 80Ω to
40Ω.

C.2 Minimum Deviation Control

Figures C.12 and C.13 show load transient responses of the conventional controller (configuration A) and

the minimum deviation controller. The output voltage deviations are reduced by up to a factor of 3.2 in case

of load transients. Also, the recovery time is reduced by a factor of 1.4.
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Fig. C.11: Nonlinear control: Measurement of the output voltage response to a load transient from 40Ω to
20Ω.
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Fig. C.12: Minimum deviation control: Measurement of the output voltage response to a load transient from
80Ω to 40Ω.
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Fig. C.13: Minimum deviation control: Measurement of the output voltage response to a load transient from
40Ω to 20Ω.
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Tab. B.2: Inductor array reference measurement results.

Lnom (µH) Lref (µH) Lref (µH)

@ f = fc = 10kHz @ f = fsw = 500kHz,

1.3 1.72 1.65

2.0 2.29 2.20

3.3 3.71 3.61

4.7 5.32 5.18

6.0 6.75 6.59

6.7 7.29 7.11

8.0 8.71 8.51

11.0 12.05 11.75

12.3 13.48 13.16

13.0 14.04 13.70

14.3 15.46 15.11

15.7 17.04 16.63

17.0 18.47 18.04

17.7 19.00 18.56

19.0 20.42 19.96

22.0 21.69 21.17

23.3 23.13 22.59

24.0 23.69 23.12

25.3 25.12 24.53

26.7 26.71 26.08

28.0 28.15 27.49

28.7 28.68 28.01

30.0 30.11 29.41

33.0 33.36 32.54

34.3 34.79 33.96

35.0 35.35 34.49

36.3 36.79 35.91

37.7 38.34 37.42

39.0 39.77 38.83

39.7 40.30 39.35

41.0 41.74 40.75
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Tab. B.3: Capacitor array reference measurement results.

Cnom (µF) Cref (µF) Cref (µF) Cref (µF)

@ f = fsw = 10kHz @ f = fsw = 500kHz @ f = fsw = 10kHz

Vbias = 6V Vbias = 6V Vbias = 3V

4.7 4.45 4.40 4.51

10.0 8.63 8.64 9.02

14.7 13.08 13.04 13.53

22.0 12.85 11.15 14.36

26.7 17.30 15.55 18.87

32.0 21.48 19.79 23.38

36.7 25.93 24.19 27.89

Page 181 of 190





List of Publications by the Author

List of Publications by the Author

IEEE Publications

S. Quenzer-Hohmuth, J. Messner, S. Ritzmann, T. Rosahl, and B. Wicht, "Accelerated Low Gate Count

Parameter Identification for Integrated Switched-Mode Power Supplies with Digital Control," 2019 IEEE

Applied Power Electronics Conference and Exposition (APEC), Anaheim, CA, 2019, pp. 2952-2956.

(Outstanding Presentation Award)

S. Quenzer-Hohmuth, S. Ritzmann, T. Rosahl, and B. Wicht, "A Boost Converter with 3-6V Input and

Fast Transient Digital Control Comprising a 90 ns-Latency Live-Tracking Window ADC," ESSCIRC 2018

- IEEE 44th European Solid State Circuits Conference (ESSCIRC), Dresden, 2018, pp. 130-133.

S. Quenzer-Hohmuth, S. Ritzmann, T. Rosahl, and B. Wicht, "∆V/∆t-Intervention Control Concept for

Improved Transient Response in Digitally Controlled Boost Converters," 2018 IEEE Applied Power Elec-

tronics Conference and Exposition (APEC), San Antonio, TX, 2018, pp. 316-322.

S. Quenzer-Hohmuth, S. Ritzmann, T. Rosahl and B. Wicht, "Boost Converter with Load Dependent Adap-

tive Controller for Improved Transient Response," 2016 12th Conference on Ph.D. Research in Microelec-

tronics and Electronics (PRIME), Lisbon, 2016, pp. 1-4.

Other Publications

S. Quenzer-Hohmuth, C. Jiago, T. Rosahl, S. Ritzmann, and B. Wicht, "Delay-Line Analog-Digital-Wandler

mit geringer Latenzzeit für digital geregelte Schaltwandler," 56th MPC Workshop, Ravensburg, Germany,

pp. 13-18, July 8, 2016, ISSN 1868-9221. (Best Paper Award)

S. Quenzer-Hohmuth, T. Rosahl, S. Ritzmann, and B. Wicht, "Challenges and Implementation Aspects of

Switched-Mode Power Supplies with Digital Control for Automotive Applications," Adv. Radio Sci., 14,

85-90, doi:10.5194/ars-14-85-2016, 2016.

Page 183 of 190



List of Publications by the Author

Talks and Contributions to Talks

T. Rosahl, S. Ritzmann, and S. Quenzer-Hohmuth, "Digitally Controlled Switched-Mode Power Supplies,"

3rd World Wide Bosch Design Summit (Invited Talk), Reutlingen, Germany, October, 2018.

S. Quenzer-Hohmuth, "Digital Switched-Mode Power Supplies for Automotive Applications," Digital Hard-

ware Colloquium (Invited Talk), Robert Bosch GmbH, Renningen, Germany, February, 2017.

B. Wicht, "Power Management Design for Highly Integrated Automotive ICs," Tutorial at ESSCIRC 2017,

43th IEEE European Solid-State Circuits Conference, Leuven, Belgium, Sept. 11-14, 2017.

Patents

"Vorrichtung und Verfahren zum Bestimmen eines Spulenwertes eines Spannungswandlers" ("Device and

method for determination of a capacitor value in direct voltage converters"), patent pending.

"Vorrichtung und Verfahren zum Bestimmen eines Kondensatorwerts eines Spannungswandlers" ("Device

and method for determination of a capacitor value in direct voltage converters"), patent pending.

"Live-Tracking Fensterkonzept für die Analog-Digital-Wandlung in digital geregelten Gleichspannungswan-

dlern" ("Live-tracking window concept for analog-to-digital conversion in direct voltage converters"), filing

date: 03/02/16, patent pending.

"Verfahren zur Regelung eines stromgesteuerten Gleichspannungswandlers und stromgesteuerter Gleichspan-

nungswandler" ("Method for controlling a current-controlled direct voltage converter and current-controlled

direct voltage converter"), filing date: 01/31/18, patent numbers: PCT/EP2018/052376, WO2018149643.

"Verfahren zur Optimierung des Betriebs eines in einem Regelkreis für einen Aufwärtswandler vorgese-

henen digitalen Reglers sowie ein Regelkreis und ein Computerprogrammprodukt" ("Method for controlling

a current-controlled direct voltage converter and current-controlled direct voltage converter"), filing date:

03/02/16, patent numbers: DE102016203366A1, WO2017148605A1.

Page 184 of 190



List of Publications by the Author

Awards

Outstanding Presentation Award at APEC 2019: ’Accelerated Low Gate Count Parameter Identification for

Integrated Switched-Mode Power Supplies with Digital Control’, March 21, 2019 (Best presentation in a

session with 24 presentations).

Best Paper Award of IEEE Solid-State Circuit Society, German Section, Workshop of Multi-Project-Chip-

Group Baden-Württemberg: ’Delay-Line Analog-Digital-Wandler mit geringer Latenzzeit für digital geregelte

Schaltwandler’, July 8, 2016.

VDE-Award 2015: Year’s Best Student of the Master’s programm Power and Micro-Electronics at Reutlin-

gen University.

Page 185 of 190





List of Master Theses Supervised by the Author

List of Master Theses Supervised by the Author

Jonas Messner: Parameter Identification for Integrated Switched-Mode Power Supplies with Digital Con-

trol, 2018.

Heiko Bürkle: Konzepte zur Digital-Analog-Umsetzung in digital geregelten Schaltwandlern, 2017.

Cedric Leonel Jiago Teffo: Analog-Digital-Wandlung in digital geregelten Schaltwandlern, 2016.

Andreas Schmid: Low Power Konzepte für Abwärtswandler, 2015.

Page 187 of 190





About the Author

About the Author

Personal Details

Name: Samuel Quenzer-Hohmuth

Address: Ihmenfeldstr. 10, 72766 Reutlingen

Mobile: +49 163 1721893

E-Mail: samuel.quenzer@googlemail.com

Date / Place of Birth: April 9, 1990 / Stuttgart, Germany

Nationality: German

Current Position

05/2019 – today Company: Daimler AG, Sindelfingen, Germany

Position: Development Engineer for Vehicle Electrical Systems

Professional Experience

04/2015 – 03/2019 Robert Bosch Center for Power Electronics, Reutlingen University

Position: Research Assistant (working towards Dr.-Ing. degree)

Research Topic: Integrated Switched-Mode Power Supplies

Focus: Robust Digital Control, Parameter Identification

Teaching: Design of Integrated Analog Circuits (Lab Courses)

11/2010 – 09/2012 Robert Bosch GmbH - Various Assignments

Advance Engineering Sensors, Automotive Electronics, Reutlingen

Body Electronics, Automotive Electronics, Clayton, Australia

Hybride Vehicle Development, Gasoline Systems, Tamm

Page 189 of 190



About the Author

Studies

10/2012 – 09/2015 Robert Bosch Center for Power Electronics, Reutlingen University

Course of study: Power Electronics and Microelectronics (Grade: 1.1)

Master Thesis: Implementierung und Bewertung digitaler Regelungen für

integrierte Schaltregler im Automotive-Bereich

10/2009 – 09/2012 Baden-Wuerttemberg Cooperative State University (DHBW)

Course of study: Electrical Engineering (Grade: 1.4)

Bachelor Thesis: Bewertung des Verbesserungspotentials der

Elektromagnetischen Verträglichkeit durch 3D-Integration

von MEMS-Beschleunigungssensoren

Experience / Knowledge

Lecturing: Control Theory I: Analog Controls

Control Theory II: Digital Controls

Software Skills: Cadence, MatLab/Simulink, LTSpice, Python, Quartus, ISE DesignSuite,

LaTeX, MS Office, etc.

Languages: German (native), English (fluent), French (conversational),

Spanish (conversational)

Page 190 of 190


	1 Introduction  
	1.1 Scope of This Work  
	1.2 Outline  
	1.3 Contributions of This Work  

	2 Motivation for Digital Control of Switched-Mode Power Supplies  
	2.1 Applications  
	2.2 Digital Control Benefits  

	3 Fundamentals of Switched-Mode Power Supplies with Digital Control 
	3.1 Switched Mode Power Supplies  
	3.2 Digital Control  
	3.2.1 Control Loop Architecture  
	3.2.2 Challenges  


	4 Design of Digital Control Loop Blocks  
	4.1 Analog-to-Digital Converter  
	4.1.1 Converter Architectures  
	4.1.2 Delta-Sigma Analog-to-Digital Converter  
	4.1.3 Delay Line Analog-to-Digital Converter  

	4.2 Digital Controller  
	4.3 Digital-to-Analog Converter  
	4.3.1 Converter Architectures  
	4.3.2 Digital Pulse-Width Modulation  
	4.3.3 R-2R Digital-to-Analog Converter  
	4.3.4 High-Resolution Charge Pump Digital-to-Analog Converter  

	4.4 Comparison to Analog Control  

	5 Parameter Identification  
	5.1 Motivation  
	5.2 Review of Prior Art  
	5.3 Proposed Fast and Low Effort Parameter Identification Concepts  
	5.3.1 Identification Strategy  
	5.3.2 Load Identification  
	5.3.3 Combined Inductance and Capacitance Identification  

	5.4 Experimental Verification  
	5.4.1 Test Setup  
	5.4.2 Load Identification  
	5.4.3 Combined Inductance and Capacitance Identification  

	5.5 Comparison to Prior Art  

	6 Advanced Digital Controls  
	6.1 Fast Transient Controls  
	6.2 Control with Adaption to the Right-Half-Plane Zero  
	6.2.1 Variation of the Right-Half-Plane Zero  
	6.2.2 Controller Adaption  
	6.2.3 Experimental Verification  

	6.3 V/t-Intervention Control  
	6.3.1 Motivation  
	6.3.2 Derivation of the Proper Controller Intervention  
	6.3.3 Controller Adaption  
	6.3.4 Experimental Verification  

	6.4 Comparison to Prior Art  

	7 Conclusion and Outlook  
	7.1 Conclusion  
	7.2 Outlook and Future Work  

	Bibliography
	List of Abbreviations
	List of Symbols
	List of Figures
	List of Tables
	Appendix
	A Buck Converter Fundamentals  
	B Parameter Identification  
	B.1 Identification Strategy in Buck Converters  
	B.2 Analysis of the Application Range - Load Identification
	B.3 Linear Regression Algorithm for Output Voltage Slope Measurement
	B.4 Inductor and Capacitor Reference Measurements

	C Experimental Verification of Fast Transient Controls  
	C.1 Nonlinear Control
	C.2 Minimum Deviation Control


	List of Publications by the Author
	List of Master Theses Supervised by the Author
	About the Author

